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Preface 



Analog-to-Digital Converters (ADCs) play an important role in most modern signal 
processing and wireless communication systems where extensive signal manipula- 
tion is necessary to be performed by complicated digital signal processing (DSP) 
circuitry. This trend also creates the possibility of fabricating all functional blocks 
of a system in a single chip (System On Chip - SoC), with great reductions in cost, 
chip area and power consumption of portable devices which are inevitably large if 
the corresponding signal-conditioning circuits are implemented with discrete or 
individual off chip analog elements. However, this tendency places an increasing 
challenge, in terms of speed, resolution, power consumption, and noise perfor- 
mance, in the design of the front-end ADC which is usually the bottleneck of the 
whole system, especially under the unavoidable low supply-voltage imposed by 
technology scaling, as well as the requirement of battery operated portable devices 
Interleaved Analog-to-Digital Converters. 

Interleaved Analog-to-Digital Converters will present new techniques tailored 
for low-voltage and high-speed Switched-Capacitor (SC) ADC with various 
design-specific considerations. The book is organized in seven chapters as follows: 

Chapter 1 presents an overview of the introductory aspects of the current state- 
of-the-art low-voltage high-speed ADC designs and it also addresses the motivation 
and objectives of this research work, besides presenting its originality. 

Chapter 2 will discuss the impacts of the CMOS technology scaling in the design 
of analog circuits, at the device level, with the degradation of both the intrinsic gain 
and the speed of deep-submicron transistors. Besides that, at circuit level, it pre- 
sents the design challenges due to the reduction in the analog supply voltage, which 
leads to the problems of floating switches as well as of reduced voltage headroom 
for low-voltage opamps. Current solutions to these issues will also be discussed and 
a comparison between advantages and disadvantages among them will be drawn. 

Chapter 3 will present practical considerations of switched-capacitor circuits 
design within a low-voltage environment, e.g. the common-mode feedback circuits, 
front-end input interfaces to continuous-time input signal, level-shifting techni- 
ques, process-insensitive biasing as well as gain-and-offset compensation. These 



viii Preface 

advanced low-voltage circuit techniques greatly relax the speed-power-accuracy 
trade-offs which are imposed by the reduced headroom in low-voltage applications. 

Chapter 4 will address the concept of Time-Interleaving (TI) which represents an 
efficient solution for designing very-high-speed circuits and systems under the 
speed limitations imposed by the technology. On the other hand, since channel 
mismatches will severely limit the system performance, four different kinds - 
offset, gain, timing and bandwidth mismatches will be thoroughly analyzed and 
discussed. Closed-form spectrum expressions, as well as the Signal-to-Noise-and- 
Distortion Ratio, will be derived for a simplified analysis, at an early design phase, 
of the performance of time-interleaved systems under various channel mismatches. 

Chapter 5 will present the design of a low-voltage 1.2 V, 10 b, 60-360 MS/s 
reconfigurable time-interleaved analog-to-digital converter which is implemented 
in 0.18 um CMOS technology. Design considerations about the various ADC's 
circuit building blocks, as well as special attention to the layout for high-speed 
mismatch-insensitive design, will also be addressed. 

Chapter 6 will subsequently illustrate the Printed-Circuit Board (PCB) design 
that supports the experimental testing setup, and will present the measured results 
of the prototype ADC chip described in Chapter 5. In addition to the measurement 
summary a comparison with previously reported low-voltage high-speed ADCs 
will also be provided. 

Chapter 7 will finally draw the relevant concluding remarks of this book and 
proposes prospective future research works. 

Appendixes will also be provided to introduce: (i) the operation principle of the 
proposed common-mode feedback techniques, as presented in Chapter 3; (ii) the 
mathematic derivation for the SNDR of the bandwidth mismatch in TI-ADCs; (iii) 
the estimation of noise performance in various building blocks of advanced reset- 
opamp circuits; and (iv) a mathematic analysis and proof of the special case of gain- 
mismatch analysis presented in the measurement results of Chapter 6. 

Macau Sai-Weng Sin, Terry 

May 2010 Seng-Pan U, Ben 

Rui Paulo Martins 
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Analog-to-Digital Converter 
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Aspect Ratio 
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LCD Liquid Crystal Display 

LO Local Oscillator 

LNA Low Noise Amplifier 

LOP Low Operating Power 

LSTP Low Standby Power 
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LV-OC Low- Voltage Offset Compensation 
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Chapter 1 
Introduction 



1.1 Low- Voltage High-Speed Analog-to-Digital Conversion 

Driven by continuous downscale of integrated circuit technology, Digital Signal 
Processing (DSP) and microprocessors constitute the most vital part of the evolution 
of modern electronic systems. Based on the aggressive diminution of the channel 
length of transistors the processing speed and the complexity of digital logic circuits 
have experienced a considerable growth while maintaining low power consumption 
and allowing the efficient implementation of sophisticated algorithms. The density 
of transistors in the microprocessor has doubled every 18 months as predicted by 
Moore's Law [1, 2]. 

Contrarily to the advancement of digital circuits, the analog circuits can suffer from 
severe limitations imposed by technology scaling. Following the trend of obtaining 
highly integrated System-on-Chip (SoC) with low cost, smaller size and superior 
performance, the analog circuits must be designed with the same technology, on the 
same substrate, and under the same supply voltage of digital circuits. On the other 
hand, as technology shrinks the intrinsic transistor gain decreases and the supply 
voltage drops, as required by deep-submicron operation, leading to increasing design 
challenges in high-speed high-resolution analog circuits. 

Wider complexity and enlarged functionality performed in the digital domain 
create almost insurmountable pressures to the design of a minimum number of 
unavoidable analog components. Among which the Analog-to-Digital Converter 
(ADC) must be considered one of the most important components, since it imple- 
ments the interface among all the various types of analog signals from our environ- 
ment (such as the radio, audio and video signals, etc.) and the digital processor, as 
shown in Fig. 1.1. As a result, the boundary between analog and digital (the place 
where the ADC should be located) is constantly moving towards the real nature 
analog world, increasing the complexity of operation in the digital domain and 
simplifying the tasks to be developed in the analog domain. However, this trend 
imposes higher stringent requirements in the conversion speed and resolution of the 
ADC, even before the technology advantages of the DSP could be in full play. 
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2 1 Introduction 

As shown in Fig. 1.2 [3], the required higher resolution at an higher speed ADC 
always come with a cost of increased power consumption. In fact, ADCs represent 
often the main bottlenecks of the whole electronic system, determining the opera- 
tional limits in terms of speed, resolution, noise, area, as well as power consump- 
tion, in particular in battery-operated portable devices that impose severe 
requirements on low operating power and supply voltage (with degraded perfor- 
mance which is clearly demonstrated in Fig. 1.2). 

ADCs with reconfigurable capability [4-9] are also desirable to cater for the 
simultaneously different performance requirements of a wide range of signal band- 
widths and applications [4], since multiple ADCs within the same system will lead to 
larger area, lower level of integration and higher cost, while single ADC with the 
most stringent application requirements will imply an unnecessary large power 
consumption. Finally, reconfigurable ADCs also allow a faster time-to-market cycle. 
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Fig. 1.1 The analog nature of our world 
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Fig. 1.2 A survey on power per conversion step (Power/2 ) versus speed in the state-of-the-art 
ADCs [3] 
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1.2 Applications of High-Speed ADCs 

High speed ADCs are of paramount importance in a broad area of interests to serve a 
wide-variety of complex signal processing needs. One good example that confirms 
this assumption can be represented by the conventional architecture of a super- 
heterodyne receiver, shown in Fig. 1.3 [10]. The whole process of down-conversion 
is performed in the analog domain while the ADCs are used to sample the baseband 
signals. Although in this type of receiver architecture the required conversion rate of 
the ADCs can be relaxed, it would not be suitable to meet the future trends of single- 
chip wireless receivers, due to the large amount of off-chip analog processing 
components, like the image-rejection filter. To overcome this drawback in terms 
of system integration Fig. 1.4 shows a direct-IF digitizing receiver, in which the 
RF-to-IF down-conversion is still performed in the analog domain but where 
the IF-to-Baseband down-conversion is now carried out in the digital domain. Due 
to the advances experienced by analog-to-digital conversion techniques it is now 
possible to place the ADC at the IF stage in order to sample directly the signals 
around the IF frequency [11]. The sampling frequency of the ADC is usually set at 
four times the IF center frequency to simplify the architecture of the digital local 
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oscillator (LO) and the down-conversion process from IF to baseband. Although the 
required speed of the ADC is quite high (probably in the range of tens to 100 MHz), 
many of the analog functions are now performed in the digital domain instead 
leading this receiver architecture to an increased integration capability. By expand- 
ing this idea, the ADC can be even placed just after the Low Noise Amplifier (LNA) 
to sample directly the RF signals, as illustrated in Fig. 1.5, with an architecture 
known as software radio [12, 13], which is very attractive to cope with the future trend 
of single-chip wireless receiver mainly because of the elimination of off -chip discrete 
components. However, it still requires considerable research and development efforts 
in order to obtain extremely high speed ADCs (probably in the GHz range). 

The Digital Sampling Oscilloscope (DSO) is another type of electronic equipment 
that requires high speed ADCs. It comprises signal conditioning circuitry, a high speed 
ADC, a buffer memory and a display system (Fig. 1.6) [14, 15]. Many DSOs utilize an 
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Fig. 1.6 The block diagram of a digital sampling oscilloscope (DSO) 
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Fig. 1.7 A typical block-diagram of a LCD system front-end 



equivalent-time sampling technique, which uses high-speed sampling circuitry with 
small aperture time to sample very high bandwidth input signals in the GHz range. The 
sampling clocks of these circuits can be relatively slow, in the order of a few mega- 
samples per second, turning this technique to be only suitable for narrow band periodic 
input signals. When broadband or non -periodic signals need to be digitized, very high 
clock rate ADC using Nyquist rate sampling are necessary, which implies a sample 
rate greater than twice the bandwidth of the incoming signal. In addition, for high 
dynamic range measurements a ten to 12 bit resolution of the ADC will be required for 
the DSO [15]. 

High speed ADCs are also highly demanded for Liquid-Crystal-Display (LCD) 
systems. Unlike their Cathode-Ray-Tube (CRT) counterparts LCD monitors need 
digital driving signal, while many video sources are analog (e.g. the standardized 
RGB signals). Then, ADCs are required to convert these analog video signals to 
digital pixel control signals, as shown in Fig. 1.7 [16-18]. Depending on the 
resolution and refreshing rate of the LCD display, the conversion rate can vary 
from tens of MSPS (mega-sample per second) to a few hundreds of MSPS with 
ADCs' resolutions between eight and 12 bits. 



1.3 Deep-Submicron CMOS ADCs Designs 



The rapid growth of these trends is driving the ADC design towards higher speed, 
higher resolution, lower supply voltage and power consumption, as well as higher 
levels of integration with state-of-the-art CMOS technology. As the technology 
scales down, the speed of the ADC can still be improved due to the reduced intrinsic 
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capacitance of the devices, but it becomes more difficult to maintain the precision of 
the ADC which relies heavily on the use of switches, high-gain operational ampli- 
fiers (opamps) and well matched devices (e.g. capacitors, resistors, and transistors). 
Figure 1.8 shows the CMOS technology scaling roadmaps for three different 
applications of logic technology, as predicted by International Technology Roadmap 
for Semiconductors (ITRS) [19]. Aggressive technology scaling requires the supply 
voltages also to be scaled down, but the threshold voltages cannot be proportionally 
scaled due to limitations associated with leakage currents. As shown in Fig. 1.8, the 
threshold voltage can be close to 50% of the supply voltage for Low Operating Power 
(LOP) and Low Standby Power (LSTP) technology, while for High Performance 
(HP) technology the threshold voltage would be only a small percentage (<20%) of 
the supply voltage. The HP technology brings additional drawback of a significant 
amount of leakage currents that increase the standby power and even degrade 
seriously the performance of the ADCs that rely heavily on the use of switches. 
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Fig. 1.8 CMOS technology scaling roadmaps for (a) High-Performance (HP); (b) Low Operating 
Power (LOP) and (c) Low Standby Power (LSTP) logic technology 
Source: ITRS '02-07 
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On the other hand, in deep-submicron CMOS with reduced supply voltage, 
the output resistances of transistors are generally poorer due to the decreased 
channel-length and drain-voltage headroom for saturation. The limited supply 
voltage also imposes difficulties in the design of switches and opamps, thus limiting 
the usage of common high-precision Switched-Capacitor (SC) circuits. Addition- 
ally, the submicron transistors have smaller sizes in order to be faster, which results 
in poor matching in differential pairs and current mirrors. 

Substrate noise [20-23] also becomes a main performance limiter in the design 
of data converters, which are inherently mixed-signal circuits with sensitive analog 
and noisy digital blocks sitting on the same substrate. Technology scaling also 
imposes higher density and complexity of digital circuits, creating noisy spike 
currents that propagate to analog circuits through the even shorter substrate 
coupling paths in submicron ICs. 

The degraded precision in low-voltage designs are often compensated by using 
additional circuits that are generally not required in past designs [24, 25] leading 
to overall performance reduction, e.g. the increase of power consumption, die area, 
or/and even nibbling up the speed that should be gained by technology scaling. 
Modern ADCs are needed to meet the same or even higher performance as past 
designs in sampling linearity, conversion rate, resolution, and power consumption, 
under a degraded intrinsic low-voltage environment. 



1.4 Main Objective and Design Challenges 

Based on the previous considerations the main objective of the research that is 
behind this book is the development of design techniques for a low-voltage 
high-speed analog-to-digital converter under the most stringent environment 
imposed by reduced supply voltages and CMOS technology scaling. The ADC 
will be developed under high threshold voltages that will account for a significant 
amount of the supply voltages implying that the techniques can be fully scalable 
and applicable in advanced low-voltage deep-submicron and nano-meter CMOS. 
The main goals of this work can be summarized as follows: 

Investigate and develop a set of generalized circuit techniques for low-voltage 
SC circuits which behavior is problematic in a low-voltage environment due to the 
unavailability of floating switches; 

Investigate robust solutions for high-speed opamp designs to reduce their 
sensitivity to process variations, which can help to relax the stringent design 
margins that are imposed by low-voltage environments; 

Explore low-voltage mismatch-insensitive time-interleaved design techniques 
which are effective in boosting the speed of analog-to-digital converters; 

Validate the design techniques with real IC implementations of a low-voltage 
high-speed ADC design. The main goal would be to extend the operating speed 
limits of the ADC beyond the trend lines of Fig. 1.2 [3, 6, 24-32] under the 
continuous reduction of the supply voltage. 



8 1 Introduction 

The most fundamental and critical challenge of this work lies with the fact that 
the low-voltage operation turns the floating switch as an unavailable circuit ele- 
ment, thus avoiding the use of many traditional SC design techniques to achieve 
optimal implementations. Even the simple connection and charging of a capacitor 
through an opamp becomes problematic, innovative solutions must be developed to 
overcome them and avoiding as much as possible extra circuitry that degrade the 
overall power-speed-noise performance trade-offs [24, 25]. 

Simultaneously low-voltage and high-speed operation also impose intrinsic 
performance limitations. For example, a reduced overdrive forced by the low 
supply voltage slows-down the operation of transistors thus reducing the speed of 
the opamp and increasing the on-resistance of the switches which will seriously 
degrade the speed of SC circuits. Transistors with larger sizes must be employed in 
order to maintain the speed with reduced overdrives, which consume extra power, 
and impose larger parasitic capacitances. 

A low-voltage environment with deep-submicron transistors also imposes the 
reduction in the accuracy of various building blocks. Limited supply voltage 
prevents the use of cascode transistors such that the use of high-speed single- 
stage opamps is not possible, implying that two-stage opamps with lower-speed 
and higher power consumption are generally required to achieve high linearity. 
Also, current sources without cascoded elements are susceptible to drain-voltage 
variations, turning the performance of opamps (e.g. gain-bandwidth-product, phase 
margin and slew-rate) more sensitive to process variations that lead to significant 
over-design headroom to counteract such problems. 

On the other hand, to extend the intrinsic speed limit of the system, time interleav- 
ing needs to be adopted as one of the effective approaches to tackle the above- 
mentioned problems. While ideally time interleaving can enhance linearly the speed 
associated with the cost of linear increased power and die-area consumption, practical 
time-interleaved systems possess various types of channel mismatches that create 
fixed tones or modulation sidebands that limit the overall dynamic range of such 
systems. Consequently, in time-interleaved ADCs the power-speed-linearity trade- 
offs would be considerably degraded when compared with single-channel ADCs [33]. 

Besides the previous sources of difficulties that need to be addressed in the 
design phase, various other considerations must be carefully undertaken due to 
the high-speed mixed-signal nature of the integrated systems, as for example the 
substrate noise coupling, device and path matching, signal and clock routing and 
shielding, etc. in order to obtain a successful implementation. 
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Chapter 2 

Challenges in Low- Voltage Circuit Designs 



2.1 Introduction 

Low voltage designs continue to play important roles, as well as creating chal- 
lenges, in modern analog and mixed-signal integrated circuits (IC) that are expected 
to operate under low supply voltage. This is either due to the technology scaling 
into sub-100 nm CMOS, or in the context of low-power battery-operated devices 
that force the ICs to function less than the nominal supply voltage at the specific 
technology node [1—13]. Both situations create stringent requirements in analog and 
mixed-signal IC designs due to low-supply voltage headroom, especially when the 
supply voltage is lower than the nominal value of that technology, e.g. an analog IC 
designed in 0.18 urn CMOS must tolerate the reduced voltage headroom of a 1.2 V 
supply voltage while it cannot benefit from smaller parasitics and higher speed of 
more advanced CMOS technologies, like 130 or 90 nm. 

As the feature sizes of CMOS continue to scale down, the performance of analog 
circuits are degraded due to (i) aggravation of the intrinsic performance of devices 
as a result of various types of short-channel effects and (ii) design headroom 
reduction induced by low supply voltage, affecting the normal operation of funda- 
mental building blocks like opamps and switches. All of these aspects will be 
briefly discussed in this chapter. 



2.2 The Impact of CMOS Technology Scaling 

The feature sizes of CMOS technology are continuously scaling down as predicted 
by Moore's Law [14] implying that the supply voltage must also be lowered to 
incorporate a thinner layer of gate oxide. Digital circuits become more powerful in 
terms of area and power consumption and can fully benefit from scaling in both 
feature sizes and supply voltages, since the power consumption of digital circuits is 
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inversely proportional to the supply voltage V DD and the loading capacitance C L 
(also smaller due to the reduced feature sizes): 

P digital ~ fclkCiy DD (2.1) 

where f c/k represents the clock frequency. Thus, digital circuits can achieve simul- 
taneously higher speed and lower power consumption in deep sub-micron CMOS 
technology. 

Analog designs cannot completely benefit from technology scaling, in particular, 
due to the reduction in signal dynamic range imposed by the limited supply voltage, 
as well as the fact that the threshold voltage cannot be scaled down as fast as the 
supply voltages, as shown in Fig. 1.8. This creates a challenge when designing an 
operational amplifier (opamp) basically because of the inadequate design headroom in 
terms of overdrive (V ov — Vqs - Vth) an d the amount of saturation voltage (Vds — V m ), 
while the signal swing must be maximized to maintain the Signal-to-Noise Ratio 
(SNR). For mixed-signal circuits and systems that are implemented with SC 
circuits, the situation is even problematic when the switches cannot be turned on 
as the supply voltage is lowered. 

The effects of reduced SNR in the performance of analog circuits can be 
analyzed quantitatively. Assuming that the opamp is designed with a two-stage 
architecture that has the best achievable output swing with only two stacked 
Common-Source (CS) output stage, the opamp output swing or the peak-to-peak 
signal amplitude can be derived as: 

Vsignal,pp = Vqd ~ 2V ov (2.2) 

The power consumption of the opamp is approximately proportional to the tail 
current I ss of the differential-pair: 

P opamp OC VoDhs (2-3) 

The thermal noise power is inversely proportional to the capacitive load. If the 
speed of the opamp is maintained, then the transconductance g m is also proportional 
to the capacitive load. If the proportional increase of the aspect ratio (W/L) of the 
differential-pair is also allowed in order to maintain a constant overdrive voltage 
(which is usually true especially in low-voltage designs), then the thermal noise 
power can be derived as: 

P noise = kT/C ex \/g m = V ov /(2I D ) ex l/Iss (2.4) 

where k is the Boltzmann constant, T is the temperature, and I D = /.$.s/2 is the drain 
current of the differential pair. Finally, the SNR can be evaluated as 

_ P signal (VDD - 2V 0V ) /8 

iW" — p oc — w r opamp V DD /a (2.3) 

'noise ^/'SS 
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Fig. 2.1 Power consumption versus supply voltage in practical analog circuits 
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showing that to maintain the performance (SNR) the power consumption of analog 
circuits will be increased due to the reduction in supply voltage from technology 
scaling. In practice due to the requirements of opamp and switch designs there will 
always exist a minimum V DD to ensure the analog circuit is fundamentally 
functional, and the analog circuit will fail to work even with very large power 
when VDD is below this minimum value, as shown in Fig. 2.1. 



2.3 Design Challenges: Intrinsic Performance Degradation 

As the technology is scaled down and the minimum channel length of transistors 
continuous to shrink one of the apparent performance benefits is the increase in the 
speed of devices due to the decrease in device area. However, using deep 
sub-micron CMOS transistors in the design of analog circuits is not a trivial task 
due to the fact that the overall performance of the devices is degraded by various 
types of short-channel effects. 



2.3.1 Transconductance Degradation 



As gate oxide thickness and also the channel length scale down the electric field 
goes stronger which would lead to mobility degradation and velocity saturation 
effects [15, 16]. With the consideration of both effects the drain current of the 
MOSFET can be expressed as 
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where [i is the mobility, Car is the gate-oxide unit capacitance, 9 is the fitting 
parameter accounting for the mobility degradation effect, and v sat is the saturation 
velocity. When L becomes small and becomes large (due to thinner gate-oxide) the 
drain current tends to deviate from the traditional square-law to linear characteristic. 
This can be clearly illustrated by Fig. 2.2a and the consequence is that transconduc- 
tance of transistors ceases to augment with increasing overdrive voltage as shown in 
Fig. 2.2b, degrading the gain and the speed of short-channel transistors. 



2.3.2 Output Resistance Degradation 



Another obvious short-channel effect is the output resistance degradation and 
subsequently the intrinsic gain reduction of the transistor. This is not only due to 
the decreasing channel length but also as a result of other second-order effects. At 
low value of V D g, the output resistance r ds grows with increasing V D $ as governed 
by the Channel-Length Modulation (CLM) effect that is shown in Fig. 2.3 [17]. 




Fig. 2.2 (a) Id and (b) g m reduction in deep sub-micron CMOS technology 
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Fig. 2.3 Overall output resistance variation as a function of V D 
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However in short-channel devices the continuously increasing V D s will lead to a 
Drain-Induced Barrier Lowering (DIBL) effect that reduces the threshold voltage 
thus increasing the drain current. This effect roughly cancels out CLM and also 
leads to a relatively constant output resistance. As V DS reaches a high value, impact 
ionization near the drain produces large current flowing into substrate thus further 
reduces the output resistance. 



2.3.3 Trends of Unity-Gain Frequency in Technology Scaling 



The main benefit of technology scaling is the increase in the device's operating 
speed. Unity-Gain Frequency f T can be used to describe the intrinsic speed of the 
transistors and can be defined as 
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where Qjs is the gate-source capacitance. As the feature size scales down the intrinsic 
speed of the devices increases quadratic ally. Nevertheless in a short-channel transistor 
the trend has been slowed down by the velocity saturation effect: 



h 



2nL 



(2.9) 



This means that the speed increases only linearly with decreasing feature size as 
shown in Fig. 2.4 [17]. 



2.4 Circuit Level Design Challenges: Opamps 

The reduction in the supply voltage limits the headroom of the operational ampli- 
fiers. Cascode structures are not suitable in low-voltage designs and, in order to 
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Fig. 2.4 A plot of f T versus 1/L for long- and short-channel devices 
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achieve high-gain, two-stage opamps are usually used with three stacked transistors 
in the input stages and two in the output stages, as shown in Fig. 2.5, leading to 
lower speed and larger power consumption. 

On the other hand, Fig. 2.6 exhibits the architecture of a low-voltage two-stage 
opamp [2, 3] that is widely-used in modern low-voltage designs. The input and 
output stages from Fig. 2.5 are used to maximize the input and output swing. The 
input stage utilizes an approach similar to a folded-cascode design to fold the CM 
level of the differential pair output to a more appropriate level (by M4A,B) suitable 
for biasing the output common-source stage. However the gain of the first stage is 
still in the order of g„,r , since the upper transistors M5A,B is not cascoded due to 
the supply headroom limitation. The overall gain of the two-stage opamp is in the 
order of (g m r f. 

Designing Common-Mode Feedback (CMFB) for a two-stage opamp is always 
more difficult than a single-stage opamp since it would be necessary to stabilize the 
CM level of two pairs of high-impedance nodes, namely the drains of M4A, M4B, 
M6A and M6B. Simultaneously controlling the output CM level of two stages 
requires a feedback point located in the first stage, but Vqmfb cannot be directly 
applied to the gate of any first stage's current source transistors due to the wrong 
polarity, which will lead to positive feedback in the CM loop. To solve this 
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Fig. 2.5 The input and output stages of a low-voltage two-stage opamp 
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Fig. 2.6 A widely-used low-voltage two-stage opamp 
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Fig. 2.7 A low-voltage single-stage current-mirror opamp 



problem, an additional pair of NMOS current sources (M3A, M3B) with the source 
tied to the folding node of the first stage needs to be added to provide CMFB control 
on both stages with proper polarity [2], 

Due to the low voltage headroom, this two-stage opamp cannot achieve high 
speed since the internal high-impedance node needs miller compensation, and the 
power is large as a result of extra current branches in the folding path and the CMFB 
controlling branch. On the other hand, a single-stage current-mirror opamp, as 
shown in Fig. 2.7, also uses the input and output stages of Fig. 2.5, which can 
achieve potentially higher speed than the two-stage opamps. However, without the 
use of cascoded devices the opamp from Fig. 2.7 can only achieve a very low value 
of DC gain (in the order of g„,r ), which is not adequate in modern high-resolution 
data converter designs. It is clear from this point of view that designing high-speed, 
high-resolution analog circuits in low-voltage environment is not a trivial task. 



2.5 Circuit Level Design Challenges: Switches 



Designing SC circuits in a low-voltage environment is especially problematic when 
comparing it with other analog circuits due to the large dependency on the operation 
of the switches. When the supply voltage is less than the sum of the threshold 
voltages of NMOS and PMOS (V DD < V,i„, + \V t h P \), floating switches that are 
designed to pass signals with large swings cannot be turned on as shown in 
Fig. 2.8 [13]. Even if they can be switched on, a large distortion will appear as a 
result of signal-dependent on-resistance imposed by very small gate overdrive 
voltage as expressed in (2.10), for NMOS transistors: 
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Fig. 2.8 (a) A floating switch passing large signal swing and the conductance of the switch in 
(b) a nominal voltage design and in (c) a low-voltage design 
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(2.10) 



where R on , fi„, C ox , W/L, V DD , V,„ and V th represent the on-resistance, mobility, 
oxide unit capacitance, transistor aspect ratio, supply voltage, input voltage and 
threshold voltage, respectively. More accurately, floating switches failed to have 
reasonable on-resistances, when the following criterion is satisfied: 

V DD < V rh „ + \V lhp \+2V ov (2.11) 

which should be used as a main indicator of a truly low-voltage design. 
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In modern low-voltage designs various techniques are available to overcome the 
problem of turning-on the floating switches as presented next. 



2.5.1 Switch Positioning 

One of the first principles to be adopted in low-voltage design is to avoid the use of 
floating switches whenever possible by carefully positioning their location. 
Switches that pass small signal swings, such as those connected to constant DC 
voltage (e.g. supply rails and CM voltages) as well as virtual grounds as shown in 
Fig. 2.9, are not considered as floating switches, and they can always be turned on 
by biasing those DC voltages and virtual ground CM voltages to near supply rails 
(the resulting problem of CM level difference can be solved by level- shifting 
techniques as discussed next in Chapter 3). The most problematic switches are 
those that pass large signal swing, e.g. the foremost front-end sampling switches 
and the switches at the opamp output nodes (Fig. 2.8a) that should be minimized 
whenever possible. 



2.5.2 Clock Boosting 

The number of floating switches can be often minimized but they still cannot be 
completely avoided by the operating principles of SC circuits. The reason why the 
floating switches cannot be turned on is due to the insufficient overdrive voltage in 
low-voltage environment. One of the solutions is to use a high voltage clock (e.g., 
2V DD clock) to drive the floating switches, as illustrated in Fig. 2.10a [7, 18]. With 
this technique the transmission gate can always be switched on (as shown in the 
Fig. 2.10b) and traditional SC circuit techniques can be utilized since all floating 
switches problems mentioned before will not arise. However, due to the on-chip 
high voltage level, there will be a long-term reliability concern since the oxide 
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Fig. 2.10 The principles of clock boosting: (a) the functional diagram and (b) the combined 
conductance of the floating transmission gate 



cannot sustain the voltage stress that exceeds the maximum V DD specified by a 
technology process. Also, nonlinearity still exists since the on-resistance depends 
on the signal voltage. 



2.5.3 Bootstrapped Switches 



The long-term reliability issue due to higher voltage stress over gate oxide has 
motivated the research for a more effective approach to drive the floating switches. 
Bootstrapped circuits as shown in Fig. 2.1 1 can be used to solve the problem [8—11, 
19-22]. The operation principle of the circuit is to create a constant gate-source 
voltage (equal V DD ) across the floating-switch transistor such that it has enough 
overdrive regardless of the input voltage. Also the nonlinearity is suppressed since 
this technique creates a constant on-resistance independent of the input signal level. 
As a result, it does not require a transmission gate and only one type of switch 
would be needed. Since the floating switch is bootstrapped the traditional SC circuit 
structures can be used in a similar way as the clock boosting technique. However, 
each floating switch will have a separate bootstrapped circuit which consumes 
additional power. 
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Fig. 2.12 The operation principle of the switched-opamp circuit 

2.5.4 Switched-Opamp 

The floating switches located at the output of the opamps can also be avoided by 
using the opamps to simulate switching function. Switched-Opamp (SO) is one of 
such techniques and its principle is shown in Fig. 2.12 [1,2, 11, 23-28]. In phase 1, 
the output voltage of the opamp from previous stage is sampled by the sampling 
capacitor CY In phase 2, the previous stage's opamp is switched-off (by cutting off 
its biasing current), creating an high-impedance state at the opamp output such that 
this node can be pulled-down to ground by switch SI to discharge the sampling 
capacitor. 

Figure 2.13 shows a simple implementation of a switched opamp. The biasing 
current of the whole opamp is cut-off by the switches S2 and S3. Notice that 
switched-opamps have an inherited speed limitation since when the opamp is 
switched-off the output is pulled to ground (by SI in Fig. 2.12) and the compensa- 
tion capacitor is discharged. In addition, switch S3 also discharges the gate capaci- 
tance of the biasing node of the current sources. This discharging and recharging 
cycle of SO circuits make them not suitable for high-speed applications. Although 
later implementations [11, 26-28] have solved most of these disadvantages and the 
speed has been improved, however SO circuits still suffer from speed degradation 
due to unavoidable switching-on transients. 

The implementation of the SO circuit does not require any on-chip high voltage 
thus it does not exhibit long-term reliability issues and it can be treated as a truly 
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Fig. 2.13 A simple implementation of a switched opamp 

low-voltage technique that is compatible with future CMOS technology scaling. No 
floating switches are necessary and the linearity is also improved since the on- 
resistances of all switches are now signal-independent. Furthermore, the power 
consumption of the SO circuit is inherently low since the opamp is switched off half 
of the time. SO circuits can be implemented in fully-differential architectures since 
in phase 1 the opamp 's CM is pulled to GND and thus the output voltage is well 
defined, besides that switched-capacitor CMFB can also be applied in SO [2], 
However, the limitation of the SO circuit is the slow turn-on transient; In additions, 
since no floating switches can be used and with the sampling capacitor Cg always 
connected to opamp 's output node this limits the utilization of many traditional SC 
circuit structures which are well optimized, leading to further degradation in 
performance. Finally, SO circuits require extra effort in designing front-end 
sampling circuits that interface with the continuous-time input signal since there 
will not be a previous stage's opamp which could be switched off at the foremost 
front-end stage. 



2.5.5 Reset-Opamp 



Reset-opamp (RO) (Fig. 2.14) is another low-voltage technique that uses opamps to 
simulate floating switches [3, 5, 12, 13]. It relies on unity-gain reset opamp in the 
reset-phase to discharge the sampling capacitor which can achieve faster speed 
since the opamps are always active. Similar to the SO technique the ROs do not 
require generation of on-chip high values of voltage and they are truly compatible 
with future low-voltage deep-submicron CMOS processes. 

The RO technique exhibits similar advantages when compared with the SO, 
e.g. high linearity since no signal-dependent on-resistance is presented, as well 
as long-term reliability. Besides that, ROs can operate faster than SOs since no 
turned-on transient is required. However, like SOs, ROs also disable the use of 
many traditional SC structures and suffer, equally, from the front-end interfacing 
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problems. Unlike the operation of SO the ROs in reset phase can assure zero 
differential voltage, but the common-mode voltage is still undefined thus traditional 
CMFB techniques cannot be applied. As a result, current RO implementations are 
all in pseudo-differential mode (i.e. two singled-ended opamps instead of single 
fully-differential opamps) which imposes double power consumption. 



2.5.6 Switched-RC Techniques 



Both SO and RO circuits are truly compatible with future CMOS deep-submicron 
scaling since they both require no on-chip high-voltage to be successfully imple- 
mented. However, with these two techniques no floating switches can be used 
implying that the next-stage sampling capacitors are equivalently perpetually 
connected to the opamp's output nodes, which prevents the use of some optimum 
SC structures, like the fold-back type S/H and MDAC that have higher feedback 
factors. The requirement of switching-off or resetting the opamp to ground rather 
than to mid-supply voltage also imposes the need of common-mode level-shifting 
circuits. 

Another technique that has been recently proposed is called switched-RC tech- 
nique as shown in Fig. 2.15 [6] which is also truly a low-voltage technique. 
Actually, it uses switched-RC branches as a complete substitution of floating 
switches in such a way that the use of traditional optimum SC structures becomes 
possible. In this case, the sampling capacitor C$ is splitted into two Cg/2 capacitors, 
one connected to V DD in the reset phase while the other is connected to GND. The 
function of floating switches will be replaced by two resistors R located in each split 
capacitor branches. During the sampling phase (j)l both capacitors C$/2 sample the 
previous opamp's output voltage through the resistors R. During the charge transfer 
phase the switches MSP and MSN are both turned-on forming a voltage divider 
with the resistor R to discharge the capacitors to the voltages near VDD and GND 
(depending on the voltage division ratio). This operation equivalently discharges 
the sampling capacitor to mid-supply without the use of floating switches. 

The switched-RC technique presents similar advantages when compared with 
switched- and reset-opamps, namely it doesn't need on-chip high voltage and 



24 



2 Challenges in Low-Voltage Circuit Designs 



Vin« 



Switched-RC 

VDD 

mspW 
i— MM — II — 

R 



R 
HW 1 



Cs/2 
Cs/2 



f 



msn ah^ 



GND 



<t>2 

AC 



Switched-RC 

VDD 



1 VA 



i 



rWvv^ 

R ^S/2 



pj ^S/2 



VA 






GND 



Fig. 2.15 Switched-RC technique 

exhibits high linearity. Since it doesn't rely on specific switching action of previous 
stage's opamp no extra input sampling circuit is needed, allowing the use of 
traditional optimum SC circuits. In addition, no level shifter is needed since the 
split switched-RC branch cancelled the common-mode charges from upper and 
lower branches. However, since resistive dividers are present which are formed by 
R and on-resistances of MSP and MSN in phase 2, signal feedthrough will exist at 
the charge-transferring phase which can be only alleviated by choosing large R and 
large sizes of MSP/MSN. But, there is a trade-off in choosing the value of R since 
large R together with the output impedance of the opamp increases the sampling 
time-constant, which implies that switched-RC is not suitable for high-speed 
applications. 



2.6 Summary 



This chapter has presented the analysis and discussion of various types of typical 
low-voltage analog design challenges that lead to performance degradation com- 
pared with the traditional nominal-voltage implementations. Due to the reduced 
supply voltage headroom the signal swing must be reduced which leads to a 
reduction in SNR, or in other words the power consumption must be increased to 
maintain the system performance. Furthermore, short-channel effects become 
prominent as the technology scales down, degrading various intrinsic device para- 
meters such as transconductance, output resistance and slowing down the trends of 
increasing speed as feature size reduces. Low supply voltage also leads to function- 
ality problems of opamp and switches, although various solutions are available 
(with different types of trade-offs), such as the use of two-stage opamps, careful 
switch positioning, clock-boosting and bootstrapped switches, switched-opamp and 
reset-opamp techniques, as well as switched-RC techniques. Although different 
solutions exist to allow low-voltage circuits to be implemented, the performance 
degradation still cannot be avoided due to the unavailability of many useful circuit 



References 25 

techniques, such as cascoding, the difficulty in designing CMFB circuits, front-end 
interface to continuous-time input signal, gain-and-offset compensation, and com- 
parator designs. Considerations about these low-voltage problems will be further 
discussed in the next chapter. 
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Chapter 3 

Advanced Low Voltage Circuit Techniques 



3.1 Introduction 

While both ROs and SOs can be utilized to avoid the floating switches at the opamp 
output nodes, many design challenges still exist in a low-voltage environment 
resulting in overall performance degradation when compared with a conventional 
design. 

One of the main problems in low-voltage designs is the handling of the Com- 
mon-Mode (CM) level. The CM level of the virtual ground of the opamp is always 
biased near the supply rail in low-voltage operation, while the opamp output CM 
level is usually biased at the middle of the supply rails to maximize the output 
swing. The difference between the virtual ground and output CM level requires an 
extra level-shifting circuit [1] which can degrade the feedback factor and thus the 
speed performance. Furthermore, the absence of floating switches still prevents the 
usage of many useful conventional circuit techniques. Firstly, the traditional CMFB 
circuit [2, 3] which is necessary in the implementation of fully-differential opamps 
cannot be applied. To overcome this problem well established SO techniques are 
available [4, 5], however for RO circuits there is no truly CMFB circuit available to 
allow fully-differential operation (for instance the CMFB circuits from [1, 6, 7] can 
only be applied in pseudo-differential circuits, i.e. two single-ended opamps instead 
of a fully-differential architecture). Secondly, both the RO and SO techniques 
rely on the previous stage's opamp to be reset or switched-off, respectively, 
which will create problems in the foremost front-end stage (directly coupling 
with the continuous-time input signal). As a result, traditional active solutions 
require extra front-end Track-and-Reset (T/R) stages [8-10] while a passive solution 
creates continuous-time signal feedthrough [5]. Finally, traditional gain-and-offset 
compensation techniques, such as Correlated Double Sampling (CDS) [11, 12] 
cannot be applied due to the unavailability of floating switches, imposing the 
utilization of two-stage opamps to achieve enough gain with low-speed in low- 
voltage designs. Reduced supply voltage also prevents the use of cascode current 
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sources for accurate current biasing, making it difficult to optimize the performance 
of opamps under process variations. 

In addition to the previous drawbacks, the limitation to utilize conventional 
circuits also places a large penalty on the overall performance (power or/and speed) 
of RO and SO circuits when compared with traditional designs, due to the impossi- 
bility of applying various useful special design techniques such as double-sampling 
[13] and opamp sharing [14], as well as the possible degradation of the feedback 
factor induced by architectural constraints. 

This chapter serves two purposes: initially, it summarizes comprehensively 
the above several kinds of advanced low-voltage problems; finally, it proposes 
solutions for simultaneously achieving low-voltage, power efficiency and high- 
speed operation for both RO and SO circuits. The novel techniques here proposed 
have been generalized and they can be effectively applied to both RO and SO 
switched-capacitor circuits, including integrators in sigma-delta converters, 
Sample-and-Hold (S/H) and Multiplying Digital-to-Analog Converters (MDAC) 
used in pipelined ADCs. 



3.2 Virtual-Ground Common-Mode Feedback and Output 
Common-Mode Error Correction 

3.2.1 Low-Voltage CMFB Design Challenges 

Designing CMFB for a fully-differential circuit constitutes a great challenge in a 
low-voltage environment. Figure 3.1 shows a traditional SC-CMFB implementa- 
tion [2, 3] that is widely used in conventional SC circuits. In the presence of a large 
voltage swing in both V out+ and V out -, the floating switches (inside the dashed 
circles) connected to these two output nodes cannot be easily turned on. 

In the context of SO circuits [5, 15-17] the opamps are switched off in one phase 
to produce an high-impedance state in the opamp output, thus allowing it to be 
pulled up to a well-defined voltage (typically supply or ground potential, but other 
fixed potential can also be used) as shown in Fig. 3.2 [4, 5]. This allows resetting the 
capacitor Ci in the SC-CMFB circuit and thus the CM voltage in the next phase can 
be controlled by those well-defined voltages in a similar way as in traditional 
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SC-CMFB techniques, then permitting fully-differential implementation of SO 
circuits. 

The same principle cannot be applied to the RO architectures [1,6, 18, 19] where 
the opamps are reset in an unity-gain configuration to discharge the next stage 
sampling capacitors. This operation produces a well defined 0-V differential mode 
resetting voltage, but the CM output at this phase is still undefined without the use 
of any CMFB. Due to the lack of such well-defined resetting voltage in the reset 
phase, the CMFB circuit from Fig. 3.2 cannot be utilized. Currently, all RO 
techniques employ pseudo-differential opamps [1, 6, 18, 19] (which actually are 
two single-ended opamps) as it is exemplified by the RO SC amplifier circuit 
(which can be used as an S/H or an MDAC) from the small figure in Fig. 3.3 in 
order to stabilize the opamp output CM voltage in both phases. However, it implies 
doubling the number of opamps as well as the corresponding power consumption. 
Furthermore, single-ended opamps are slower than their fully-differential counter- 
parts due to the additional mirror pole created by the differential-to-single-ended 
converter. 



3.2.2 Novel Virtual Ground CMFB Technique 



Instead of directly controlling and stabilizing the output CM voltage, the same 
purpose can be achieved indirectly by controlling the virtual ground CM voltage 
[20-22], and this possibility will be addressed here first before a solution is 
presented. As shown in Fig. 3.3, the previous stage RO circuit resets at phase 2 to 
discharge the sampling capacitors Q, while in phase 1 the stage resets itself to a level 
°f V GCM to discharge the next stage sampling capacitors, where Vg,cm = C^g+ + 
Vg-)/2. It is assumed that the previous stage RO is similar to the current stage, also 
resetting at Vg,cm> an d having an output CM voltage of V in CM in amplification 
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mode (i.e. phase 1), which is actually the input CM voltage in the current stage. A 
simple mathematical relationship between various signal's CM level in phase 2 can 
be easily derived as follows: 



Voitt.CM [02] = — V in £M 
t-2 



Vg,cm —z^-Vi 

L2 



(3.1) 



where V] is a known, fixed potential that can be used to achieve the level-shifting 
function (Please see Section 3.4 for detailed analysis). Assuming V inCM has a 
known voltage value (as in the usual case which is set by the previous stage), 
Eq. (3.1) possesses two unknown variables V out civi[ c t ) 2] and V"g,cm> i- e - oni y one 
constraint equation derived from the external SC networks. If a CMFB circuit 
(implying another constraint equation) is applied such that either V outCM [(()2] 
(the traditional output CMFB) or V GCM (the proposed Virtual Ground CMFB, 
VG-CMFB) are defined, then the other unknown variable can also be determined. 
This simple equation clearly shows how the control of the virtual ground CM 
voltage can lead to the stabilization of opamps' output CM level, and in this way, 
the pseudo-differential opamp-pair in Fig. 3.3 can be replaced by one fully- 
differential opamp, thus saving half of the power consumption. Notice also that 
the target value of the V"g,cm should be set with a voltage difference in the order 
of 0.1-0.3 V from the supply rails, such that the opamp's output transistors always 
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remain in the saturation region during the reset phase for high-speed operation. If 
biasing of Vq.cm to VDD or ground is necessary, then an SC floating battery must 
be utilized [1]. 

Compared with the traditional output CMFB control, the proposed method can 
be easily implemented in a low-voltage environment because: (a) the signal swing 
in the virtual ground is much smaller than the one in the output of the opamps due to 
the opamp's differential gain, thus alleviating the floating switch problem; (b) the 
output CM level is usually different in the two phases of low-voltage circuits and 
thus also difficult to be controlled, while the virtual ground is usually fixed in both 
phases to allow a suitable biasing of the input differential pair. However, stabilizing 
the output CM by controlling the virtual ground CM level is not as accurate as the 
traditional output CMFB method, since any inaccuracy in the virtual ground CM 
voltage will be amplified by 1//? to the output CM voltage (with /? as the feedback 
factor), and the CM charge injection error will also appear, both leading to output 
CM errors. Furthermore, these type of CM errors can be easily accumulated (e.g. in 
the integrating capacitors of SC integrators or pipelining stages). Since the CM 
output voltage is not required to be so accurate as the differential mode signal the 
proposed technique can be utilized alone in low-speed (with small switch sizes 
leading to smaller charge injection errors) or in small number of pipelining stages 
(where the CM error accumulation does not saturate the last-stage's opamp). While 
in high-speed circuits the CM error accumulations become significant (due to larger 
switches), as well as in integrators, this technique can be combined with the novel 
Output CM Error Correction (O-CMEC), as discussed later, to achieve an accurate 
output CM error control. 



3.2.3 Practical Implementation of VG-CMFB 

Figure 3.4 shows the proposed VG-CMFB technique [20-22], including the differ- 
ential pair in the main opamp and the reference generation circuit. In addition to the 
normal transconductance operation, the differential pair of an opamp can also serve 
as a virtual ground CM voltage detector, requiring no extra CM detector circuits. As 
the CM bias currents of MIA and M1B are set by the tail current source MO of the 
differential pair, then V GS1AiCM = V gs1b ,cm = V GS1CM are kept unchanged and 
the differential pair reproduces the shifted version of the virtual ground CM voltage 
at Vt a ii = Vg,cm — Vgs\,cm- The reference generation circuit is a scaled-down 
version of the differential pair thus simulating its biasing condition and also 
reproducing Vtaii,ref = Vd-ef — Vgsbi, in which V Grer represents the desired virtual 
ground potential. Since the reference is generated and the virtual ground CM level 
has also been detected and represented through V ta ii, conventional SC-CMFB 
circuit techniques can be employed. V G mfb has a similar meaning as in conven- 
tional SC-CMFB which could be applied to the gate of one pair of current source 
transistors in the main opamp, providing adjustment of the output CM level, and 
also through the connection of an external SC network to the virtual ground CM 
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Fig. 3.4 The proposed virtual ground CMFB technique 



potential. V bias is the nominal bias value of V CMFB . Also, all the switches in Fig. 3.4 
can be easily turned on since no signal swings are presented in any nodes of the 
SC-CMFB circuit (thus can be biased near the supply rails). 



3.2.4 Output Common-Mode Error Correction 



As discussed previously, the VG-CMFB technique controls the virtual-ground CM 
potential and through the external passive network stabilizes the output CM level. 
Then, any errors entering the external passive network (e.g. charge injection) can 
affect the output CM voltages, and the errors can be easily accumulated in the 
integrators or pipelining stages. When these errors become relevant the VG-CMFB 
technique can be enhanced further through the combination with a novel Output 
Common-Mode Error Correction (O-CMEC) technique, also proposed here and 
shown in Fig. 3.5 [22] . This circuit is an improved version of the pseudo-differential 
implementation from [1]. If the output CM voltage is at the desired value, then the 
net charge Aq injected to Vcmfb node by the O-CMEC will be cancelled out, while 
any output CM deviation will imply a correction charge by the negative CM 
feedback loop. For example, if a CM error is injected into the external feedback 
network, and correspondingly, the output CM voltage of the opamp, in phase 2 of 
Fig. 3.3, is being pulled down from the designed value (normally the mid-supply). 
Then, referring to Fig. 3.5, V OIUj cm will be pulled down, disturbing the equilibrium and 
resulting in a negative charge Aq injected into the Vcmfb node. This action will pull 
down the node voltage V C mfb leading the output CM voltage to be pulled up by the 
CM gain (since the CMFB must be designed as negative feedback loop). Appendix A 
will describe in detail the operating principle of the VG-CMFB + O— CMEC 
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technique and presents also the derivation of the following design equation for 
selection of the capacitor values: 



V, 



out, CM [ 



VW*[02]=^r(V 2 -7i) 



(3.2) 



meaning that the capacitor ratio depends on the difference of the output CM voltage 
in the two phases and also the reference voltages V ; and V2 that can be either VDD 
or ground. 

Compared with the implementation from [1], the proposed technique offers the 
following improvements: (a) combined with the VG-CMFB circuit it is designed 
for fully-differential opamps, instead of being only applied to the pseudo-differen- 
tial mode as in [17]; (b) only one correction circuit is required here, while two 
circuits were required in the previous implementation [17]; (c) the O-CMEC injects 
charges into V CMFB node which is an internal node of the CMFB loop, and this only 
reduces the common-mode feedback factor and does not affect the differential- 
mode feedback factor. From [1] the injection point is the virtual ground of the main 
opamp which will degrade both feedback factors thus leading to speed penalties. 
However, the O-CMEC circuit cannot be used independently since the VG-CMFB 
imposes the near-steady-state operating point of the output CM level first and only 
after that the output CM error can be corrected by O-CMEC. 



3.3 Cross-Coupled Passive Sampling Interface 



3.3.1 Problems in Existing Solutions 



Both RO and SO circuits rely on the precedent stage opamps, which simulate 
floating switches, to discharge the sampling capacitors. This creates a difficulty in 
the foremost front-end stage that directly interfaces with the input continuous-time 
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signal. As a result, extra efforts must be devoted to design the front-end input 
sampling circuits. Several input interfaces have been already proposed before in 
both RO and SO circuits [5, 8-10, 18] and one of such from [10] is presented in 
Fig. 3.6a. In the figure a resistor is utilized as voltage divider during the resetting 
phase, thus allowing the discharge of the sampling capacitor. This passive circuit 
cannot be imbedded into normal SC front-end building blocks (e.g. S/H) because 
this interface actually simulates the normal non-inverting, non-delay switched- 
capacitor branch (Fig. 3.6b) and, when combined with the opamp it can only 
provide a T/R output for the continuous-time input signal of Fig. 3.7 (and thus 
being an extra T/R stage, in addition to the S/H that normally is required). Similar 
techniques are also used in [8, 9, 18] where the input interface is actually an active 
inverting resistive amplifier, again implementing only the T/R function. An extra 
T/R stage not only consumes one extra front-end opamp 's power, but it will also place 
severe limitations on the noise, linearity and speed, since the performance of such 
T/R is directly linked to the full resolution (or dynamic range) of the whole system. 
Passive sampling interfaces also exist [5, 19] that simulate the usual inverting, 
half-delay SC branches, thus allowing truly S/H/R waveforms (as shown in 
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Fig. 3.6 (a) Low-voltage passive sampling circuit [10]; (b) a non-inverting, non-delay SC branch 
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Fig. 3.7) and then it can be imbedded into normal front-end SC building blocks. 
However, extra clock phases are needed [5] and most importantly, direct signal 
feedthrough from continuous-time input to output can occur during the amplifica- 
tion phase [5, 19]. To suppress such signal feedthrough some limitations are also 
placed on the size selection of various component values including switches and 
resistors. For example, to suppress the signal-feedthrough, the value of the resistor 
must be large to form a high-ratio resistive divider with the switch on-resistance, 
and this will place large limitations on the sampling time constant and degrades the 
operating speed [19]. 



3.3.2 Cross-Coupled Passive Sampling Interface 

Figure 3.8 shows the proposed low voltage cross-coupled passive sampling circuits 
(in differential configuration) [21-23] as a remedy for the drawbacks previously 
discussed. When compared with the sampling circuit from Fig. 3.6, this circuit is 
equivalent to the common inverting, half-delay SC branch. The resistor R (similarly 
as in Fig. 3.6) provides resistive division with the on-resistance of switches SI and 
it will also allow the discharge operation of the sampling capacitor Ci in phase <\>2. 
An extra pair of capacitors C2 is added, each with the same size of Ci. The circuit 
operates as follows: In phase <J>1, the differential signal will be sampled by the 
capacitor pair Ci, while the capacitor pair C2 is reset; In phase 4>2, the switches SI 
are turned on and form a voltage divider with the resistors R, thus the signal swing 
on nodes V x+ , V x _ will be attenuated and all the switches connected to this nodes can 
now be easily turned on. In this phase the capacitor pair Q is discharged between 
the virtual ground of the opamps and the attenuated signal, causing direct signal 
feedthrough interference in the charge transferring phase. The capacitor pair C2 is 



V x+ @ <|>2 



V in + 0-^WV 



R 4^ C 1 V : 



V x _ @ <|)2 



R Ntf C, 
v o-^AAA 

m- 

V 




To Virtual 
Ground 



To Virtual 
Ground 



Fig. 3.8 The proposed low-voltage cross-coupled passive sampling circuits 
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now used to eliminate it since C2 is connected between the virtual ground and the 
attenuated signal in the opposite differential path. If Q = C2, then the signal 
feedthrough will be cancelled and only the differential charge sampled in Ci, in 
phase c()l, is transferred to the virtual ground. 

A simple quantitative analysis of the differential charge transfer during phase 
4>2 in the circuit from Fig. 3.8 yields: 



Aq+ - Aq_ = -CiVi„ [</>l] 



Rn 



R + R„ 



{C 2 -Cx)V in [(i>2] 



(3.3) 



where Aq + — Aq_ represents the amount of differential charge transferred to the 
virtual ground at the end of 4>2, R on the on resistance of the switches SI, 
Vi„ = Vi n + — Vjn- the differential input signal, and V,„[(/>1] the input signal at the 
end of <j) 1 . From (3.3) it can be observed that the differential signal feedthrough will 
appear during <j)2, but it will be canceled if Ci = C2 through a cross-coupling action 
of the passive sampling branch. To gain a deeper insight on the effectiveness of the 
feedthrough cancellation mechanism, Fig. 3.9 shows a plot of the direct signal- 
feedthrough attenuation (in dB) versus the resistive divider ratio on R on /R and the 
mismatch in Q and C2, compared with the conventional techniques (equivalent to 
C2 = 0) [19]. This plot shows, for example, that even with moderate resistive 
divider ratio (e.g. 0.1) and capacitor matching (1%), the proposed circuit still 
provides high signal feedthrough attenuation (—60 dB) compared with the conven- 
tional structure (—20 dB only). To further demonstrate the effectiveness of the 
circuits in Fig. 3.8, Table 3.1 shows the performance comparison of the S/H circuit 
shown in Fig. 3.10 with and without the crossed-coupled capacitor C2. The crossed- 
coupled passive sampling circuit shows a superior signal feedthrough attenuation 
with the trade-off of reduced speed and a little-bit increased circuit noise (Assume 
1.2 Vpp differential signal swing), due to the main reason of the extra capacitor and 
the reduced feedback factor. 

The on resistance R on of switches SI depends on the gate-source voltage and 
then on V x+ and V x _, modulating the voltage on those nodes by voltage division 
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Fig. 3.9 A plot of signal-feedthrough attenuation versus R un and capacitor mismatch in C\ and C2 
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Fig. 3.10 The front-end S/H with crossed-coupling passive interface 



which causes harmonic distortion in phase 2. However, the proposed circuit is 
insensitive to such distortion because the produced even harmonics will be sup- 
pressed by fully-differential operation, while those odd harmonics are canceled by 
the action of the cross-coupled sampling branch, since they are similar to the 
attenuated signal feedthrough, and, only the differential input signal charges sam- 
pled in Ci during phase 1 are transferred. In addition, the proposed circuit only 
needs simple two-phase clocking, and also the signal feedthrough will be canceled 
provided that Q matches C2 and the size of switches SI are chosen such that SI can 
be turned on. This greatly relaxes the limitations of component values selection 
found before in [5, 19]. Also, since the input signal is sampled in phase <j)l while 
charge transfer is performed in phase <j)2, the sampling circuit simulates the normal 
inverting, half-delay SC branches which can provide S/H/R output with reset- or 
switched-opamp, since the input continuous-time signal is decoupled in the charge 
transferring phase. This implies that the circuit can be imbedded in normal SC 
building blocks such as S/H and integrators, eliminating the need of additional T/R 
stages and thus reducing power consumption. Although extra passive components 
(capacitors C2) are added, the proposed circuit consumes lesser area and power 
compared to other implementations since the added passive component is used to 
trade with the whole extra T/R stages that contain more passive components as well 
as one extra opamp. A drawback of the proposed circuit is its reduced feedback 
factor which would impose speed limitations, when compared with previous 
designs, because one additional pair of capacitors is connected to the opamp virtual 
ground. 
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3.4 Voltage-Controlled Level Shifting 

Handling CM voltage in low-voltage designs is not as simple as in traditional 
circuits since the CM voltage at the virtual ground of the opamp is usually biased 
near VDD or ground for the proper operation of the input differential-pair, while the 
CM voltage at the opamp 's output is usually at the mid-supply to maximize the 
output swing. Also, due to the nature of RO and SO circuits the output CM level 
between two phases can be quite different. Such CM level difference originates the 
need for level-shifting circuits [1] which can be implemented by an SC branch 
connected to the virtual ground of the opamp to provide a constant DC charge every 
clock cycle. However, this method brings along a speed penalty as an SC branch 
connected to the virtual ground of the opamp degrades the feedback factor. 

To avoid such disadvantage a novel technique is proposed here that can be 
designated as Voltage-Controlled Level-Shifting (VCLS) [22], which achieves the 
required level shifting through simple charge-redistribution principles. The opera- 
tion principle can be demonstrated by considering again the RO S/H from Fig. 3.3 
together with (3.1) that presented the dependence of the output CM voltage with the 
input CM level, virtual ground CM level and the fixed potential V ; . Actually the last 
term in (3.1) already inherently provides the required level shifting function 
through the controlling voltage V*i, thus not requiring the extra level-shifting SC 
branch and allowing higher speed of operation. For example in Fig. 3.3 with Q = 
C 2 , if we choose V out , CM [ct>2] = V in , CM = 0.6 V under V DD = 1.2 V, and V g ,cm = 
0.9 V for proper operation of opamp with NMOS differential pair, then Vi should 
be chosen as V ; = 0.9 V from (3.1). 

Sometimes this technique cannot be directly applicable with some specific 
circuit configurations simply due to the improper value of Vr in a low- voltage 
environment, such as in the case of V ; > V DD , V ; < GND or Vj near the mid- 
supply leading to the floating switch difficulty. For example, considering Fig. 3.3 
again with a gain-of-4 SC amplifier that will imply Ci = 4C2, and in this case Vi 
would be calculated as 0.675 V, which is at around middle of the 1.2 V supply. In 
this case, the circuit can be rearranged to include more level-shifting controlling 
potentials, as shown in Fig. 3.11. The functionality of this circuit is exactly the same 
as the one in Fig. 3.3, except that an extra level- shifting controlling voltage V 2 has 
been added. The output CM voltage can now be evaluated as follows: 

V o „,,cm[02] = ^-V m ,cM + 2V g ,cm - \V 2 + ~V?\ (3.4) 

The last term of the equation corresponds to the level-shifting term and for the 
previous case with Ci = 4C 2 it would be possible to choose V ; = 0.9 V and V 2 = 
V to achieve the required level-shift. Moreover, Vg.cm can a ls° be adjusted to 
contribute to the level-shift, if necessary. 

The proposed VCLS technique achieves the level-shifting function without any 
extra SC branch connected to the virtual ground, and even no modification of the 
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Fig. 3.11 An alternative for RO amplifier circuit 

original circuit is necessary except the change of the fixed potentials, then avoiding 
speed penalty when compared with the circuit from [1]. The drawback of this 
technique is the requirement for extra controlling voltages. However, in most 
applications the fixed potentials can be originated on the supply rails, and normally 
only one or two extra controlling voltages are required, as shown in the previous 
example, V"i ~ V G CM = 0.9 V implying that they can be obtained from the same 
voltage buffer. On the other hand, high accuracy of those controlling voltages is 
also not required since they only affect the CM output voltage. 



3.5 Feedback Current Biasing Technique 



Figure 3.12 shows the current-mirror opamp with the proposed Feedback Current 
Biasing (FBCB) technique, which can also be applied in the auxiliary differential- 
difference amplifier discussed in next section. For correct operation the bias current 
of M3A is provided by currents' subtraction between M2A and MIA. The bias 
current of MIA is provided by the tail current source MO, which can have larger 
channel length to achieve accurate current matching over process variations 
(because it is not in the signal path). However, the channel length of M2A can't 
be too large, since the drain junction capacitance of M2A is in the main signal path 
and the phase margin will be degraded by this parasitic capacitance. This capaci- 
tance can be comparable to the gate capacitance of M3A since M2A is a PMOS 
transistor with large current handling capability. On the other hand, using a smaller 
channel length in M2A will imply large current spread over process corners due to 
the channel length modulation effect from the variation of the gate-source voltage 
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Fig. 3.12 A current mirror opamp (a) with feedback current biasing circuit (b) 



V GS in M3 A. Since now the current in M3 A would be the subtraction of M2A from 
MIA it will impose a very large current variation in M3A, as well as the output- 
stage transistor M3B which could affect the slew rate of the opamp. 

This difficulty can be overcome by the proposed biasing circuit in Fig. 3.12. The 
biasing circuit will simulate the operating point of the main opamps, i.e. MxZ, MxY 
are the corresponding scaled down versions of Mx, MxA-MxD in the main opamp 
(e.g. M3Z is a scaled-down version of M3A to M3D). Figure 3.12 also exhibits the 
current relationship allowing a better understanding on how to set the current in the 
various branches, as well as the W/L ratio of various transistors. The feedback loop 
composed by M3Z, M6Y, M6Z, M2Y and M2Z ensures closely-tracked drain 
voltages in M2Z and M2A. Since their drain voltages are identical, the current 
matching between them is accurate over process variations even with small transis- 
tor lengths. On the other hand, choosing larger channel lengths for MOZ and MO 
also allows accurate matching between them. Now, since the currents through M2Z 
and MOZ are identical, this technique guarantees closely tracked current-ratio 
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between M2A and MIA, then minimizing M3A's current variation under small 
channel length (0.25 urn in this design). 

To ensure that the feedback loop is negative, an additional current mirror pair 
M6Y and M6Z has been added. This feedback loop is a unity-gain feedback and the 
gain-bandwidth product of the loop gain can be calculated as: 

~~ (W/I\ (Wll\ 8mM3Z/{C gsM 3Z + Cg S ,MCl) (3.3) 

considering that the drain parasitics are not dominant in the biasing circuit. In 
addition, there are two non-dominant poles: 

P\ = gmM2Y/{Cg S ,M2Y + Cgs,M2Z + Cgs,M2A + C gs ja2B) (3.6) 

Pi = gm,M6Y/(C gs ,M6Y + Cgj,Af6z) (3.7) 

Due to the large gate capacitance of the transistors M2A and M2B in the main 
opamp, p\« p2 and the first non-dominant pole pi severely degrades the phase 
margin of the loop. A large NMOS capacitor MCI is thus added at the gate of M3Z 
to stabilize the feedback loop. 

To verify the effectiveness of the technique, simulations have been done for the 
auxiliary differential-difference amplifier used in the first MDAC. AC analysis 
shows that the biasing loop achieves an open-loop gain of 27 dB, GBW of 5.4 
MHz and phase-margin of 80°. Moreover, corner simulations are performed and the 
results are shown in three cases, in Table 3.2. For the first two cases, M2A and M2B 
are biased using conventional simple current mirror (without cascode), these two 
cases clearly show the trade-off between the output-stage current (and thus 
slew-rate) variations and the phase-margin through the selection of channel length 
of M2A/B. Using longer channel length can ensure lesser output-stage current 
variations (17-3.6%), with the cost of the reduced phase margin in the main 
opamp (61^-6°). The last case shows that the proposed technique can achieve 
simultaneously improved phase margin (61°) and reduced process variations 
(1.6% only, even better than case 2). 



Table 3.2 Comparison of conventional biasing scheme over the feedback current biasing 
technique 





Case 1 


Case 2 


Case 3 




Conventional biasing 




Proposed 


Channel length of M2A/B 


0.25 urn 


0.75 urn 


0.25 urn 


Output-stage current variation 


±17% 


±3.6% 


±1.6% 


Gain-bandwidth product 


1.35 GHz 


1.46 GHz 


1.3 GHz 


Phase margin @ P = 1/5 


61° 


46° 


61° 
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3.6 Low- Voltage Finite-Gain-Compensation 
3.6.1 The Need for Finite-Gain Compensation 

In low-voltage designs the opamps are mainly restricted to traditional two-stage 
architectures [1, 20] (due to the impossibility of using cascode devices), which by 
their nature exhibit lower speed (due to the additional high-impedance node that 
needs miller compensation) and higher power consumption (more current branches). 
On the other hand, using single-stage opamps with low gain can cause serious 
systematic errors like nonlinearities in MDACs of pipelined ADCs or poles and 
zeros deviations in SC filters or sigma-delta modulators, unless the produced finite- 
gain error can be compensated, with, for example, traditional Correlated Double 
Sampling (CDS) techniques [11, 12] and the buffer compensation technique [24]. 
However, they cannot be applied in a low-voltage environment due to (a) limitations 
caused by floating switches problems and (b) by the fact that the opamp is switched- 
off or reset in one clock phase, which implies that it would not be idle and cannot be 
used to compensate the gain error. To overcome these drawbacks, a low-voltage gain 
compensation technique was addressed before in [17] but it has also a restriction of 
narrow-band operation (typically a bandpass sigma-delta modulator) that imposes a 
limitation to the signal band which must be located only and narrowly at / s /4. 

A Low- Voltage Finite-Gain Compensation (LV-FGC) technique is here 
proposed for wide-bandwidth and high-speed circuits [22, 25], including in detail 
the investigation of the feedback factor mismatch effect. To illustrate the idea 
behind the LV-FGC technique it would be necessary to consider a low-voltage 
reset-opamp amplifier (which can be used to model the MDAC used in a pipelined 
ADC), as shown in Fig. 3.13. Here, the upper part includes the usual main amplifier 
and only a single-ended version is shown for simplicity, although the real imple- 
mentation is fully-differential. In phase 1, the input signal from the previous stage is 
sampled in C s[ , while in phase 2 the previous stage's opamp resets to discharge the 
sampling capacitor C s i to virtual ground. Again Vi is a fixed potential that allow 
level-shifting which does not affect the differential signal being processed and then 
are not considered here (in Section 3.4 their calculation to achieve the required 
level-shift had been addressed). Without considering the proposed auxiliary ampli- 
fier, it can be derived that the amplifier implements the following arithmetic 
function (considering only differential information signals and including the effects 
of input parasitic capacitance C P i and finite gain Aj): 

"•'=!"» + ,K-^) 



where 



L sl + L /l + '-PI 
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Fig. 3.13 Low-voltage gain-compensated SC amplifier 

represents the feedback factor. In the right-hand side of (3.8) the V o1 term will not 
be combined with V o1 in the left-hand side because the term 



V i /A! =V Gl 



(3.10) 



actually corresponds to the virtual ground voltage of A ; and it is clearly evident 
now that the virtual ground error voltage is being amplified by the inverse of the 
feedback factor (l//?i) to the output, leading to a finite-gain error. As illustrated in 
Fig. 3.13, the fundamental idea of the proposed solution is to sense the main opamp 
virtual ground voltage by an auxiliary amplifier in non-inverting configuration, 
amplify it by the same feedback factor, and then feed it into the bottom plate of C L 
to cancel the gain error. 

The output of the auxiliary amplifier can be derived as: 



V, 



ol 



Csl + Cfi + Cp2 - 



c. 



' Gl 



P 



k y * 



(3.11) 



where 



V G2 = V G i - V o2 /A 2 



(3.12) 



which means that the gain of the auxiliary amplifier will also contribute to the total 
gain error. Substituting (3.12) into (3.11) yields 



V o2 =^V Gl 
Pi 



Voi 



Vol 



Vol = 

P 2 A 2 p 2 [l + l/(M 2 )} - p 2 A,[l + l/(p 2 A 2 )] 



(3.13) 
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Now for the main amplifier, the feedback factor should be modified in order to 
account for the input parasitic C P2 from the auxiliary amplifier: 



/v 



Cfi 



Csi + Cfi + Cp\ + Cp2 



(3.14) 



Then the equivalent output voltage that is sampled into the capacitor C L in phase 2 
(Fig. 3.13) is 



V„i-V <a = ^-V b 



where the gain error can be evaluated as 
Gain error = 



Gain error 



-V i 



(3.15) 



jSj'V Aj f} 2 A x [\ + 1/(M 2 )] 
M P 2 ~P 1 ' + l/A 2 



Mjp 1 %[i + i/(M 2 )] 
v o1 \a 2 (/? 2 -/V) + i 



A.A: 



01% 



(3.16) 



with the assumption of /? 2 A 2 2> 1 . Also, supposing that a mismatch exists between 
/V and 2 with P 1 '-0 2 = Ap, (Pi' + p 2 )/2 = P, Pi = P + AjS/2 and 2 = 
/? — A/3/2, it implies that (3.16) can be simplified to: 



Gain error = 



Vol 

A\A 2 



l+A 2 kp 



/i 2 



1- #§ 



Vol 

AiA 2 



(I) 

A/? 



V 0] 



1 A^ 

A AiA 2 yv0 2 /? 



/? +A2 /? 



(3.17) 



assuming A/?//J << 1 and /?^4 L >> 1 such that V o2 is small when compared with 
V i as indicated by (3.13). Comparing (3.17) with (3.8) it can be deducted that the 
effective gain can be expressed as: 



Effective gain 



A X A 2 



A 2 






(3.18) 



If there is no mismatch between the two feedback factors, then A/? = and the 
effective gain would have been boosted from A : to PAiA 2 by the proposed 
technique. 
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To achieve the proposed gain compensation, the feedback factor of both ampli- 
fiers should be matched as: 



C.5I + Cp\ + Cp2 C S 2 + Cp2 



c, 



/I 



-n 



(3.19) 



Note that C P i and C P 2 depend on the biasing condition of the differential pairs of 
both amplifiers. However, Eq. (3.19) can be easily satisfied by using the same sizes 
and biasing conditions for both of the input differential pairs (that makes C P i = C P 2) 
and by choosing the following capacitor ratios: 



C.,1 — 2C 5 2, Cf\ — 2C, 



-/2. 



(3.20) 



Alternatively, several choices satisfying (3.19) can be used, like for example a 
scaled-down version of the differential pair in the auxiliary amplifier, with the 
choice of the corresponding capacitor ratios also according to (3.19). 

As indicated by (3.18), the mismatch between the feedback factors of the main 
and auxiliary amplifiers reduces the effective gain of the proposed technique. But, 
as it will be shown next, the mismatch-induced gain-reduction is not significant in 
the normal range of feedback factor mismatch values. A plot of the normalized 
effective gain (normalized to /M1A2) versus AfS/fS is shown in Fig. 3.14 with /? = 
0.23 including the simulation result with a real opamp (described in detail in 
Section 3.6.2) that is provided here for verification purposes. The plot shows that 
the effective gain will be reduced as the feedback factor mismatch increases. For 
example, if we choose both of the opamp gains as 49 dB, the effective gain reduces 
from fiAjA 2 — 85 dB with no mismatch to 8 1 dB for A/?//? = 1%. Even for such 
large mismatch the proposed scheme still provides satisfactory performance com- 
pared with the one without gain-compensation. The reason for such insensitivity 
derives from the fact that the auxiliary amplifier is processing the main opamp gain 
error, as stated in (3.13), which has a relatively small magnitude in the order of a 
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Fig. 3.14 A plot of normalized effective gain versus /? mismatch 
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few mV (for instance 10 mV), and the fi mismatch (e.g. 1%) only causes negligible 
error (100 /iV). In practice, the parasitics capacitance associated with the switches 
that are connected to virtual grounds also contributes to mismatch in the feedback 
factor, and if this becomes a problem, dummy switches can be used to improve such 
type of matching. Also, the amount of gain reduction will also increase as the 
auxiliary amplifier gain increases due to the fact that as the effective gain error 
reduces (since the gain increases), the magnitude of the total gain error is reduced 
and thus more sensitive to the mismatch of the feedback factor. 

In Fig. 3.13 a switch S 1 is used in the auxiliary opamp output to disconnect Cl at 
phase 1, such that Cl can be discharged to the next stage virtual ground. This switch 
can be turned on and off without any problem since the swing in the output of the 
auxiliary amplifier is quite small and can be set near the supply rails. Similarly, the 
nonlinearity produced by its on-resistance is also negligible. 

Compared with the implementation presented in [24] which also utilizes the 
auxiliary amplifier to sense the error voltage from the virtual-ground of the opamp, 
with the following disadvantages (the readers are referred to [24] for detailed 
discussion): (a) the implementation in [24] cannot be used in low-voltage environ- 
ment due to the floating switches problem; (b) in [24] the error signal needs to be 
fed into the subsequent stages for correction of the gain-error, which either leads to 
feedback factor degradation and thus to speed penalties (due to extra SC-branch 
injected to the next-stage virtual-ground) or to the requirement of extra "shadow" 
pipelined stages, adders, as well as analog delays which will increase the power 
consumption. The proposed scheme corrects the gain-error immediately in the 
current stage, avoiding extra injection to the virtual-ground and thus optimizing 
both the speed and the power consumption. 



3.6.2 Auxiliary Differential-Difference Amplifier 

It might seem that the proposed technique will significantly increase the power 
consumption since an additional amplifier is needed. However, the additional 
power consumption can be traded-off with the significant increase of the single- 
stage opamps' Gain-Bandwidth Product (GBW). Moreover, fully-differential 
operation can be utilized by applying the previously described low-voltage 
VG-CMFB circuit, which can further cut half of the opamps' power when 
compared to pseudo-differential designs. 

The implementation of this technique requires the use of a non-inverting ampli- 
fier, as shown in Fig. 3.13. The traditional implementation of a fully-differential 
non-inverting auxiliary amplifier is not possible, since both opamp inputs are used 
as virtual grounds in the differential circuit. Instead, the Differential-Difference 
Amplifier (DDA) can be used to implement the fully-differential non-inverting 
amplifier [26]. Figure 3.15 presents the Auxiliary Differential-Difference Amplifier 
(A-DDA) current-mirror opamps that will be used in the MDAC which will also be 
used in the real chip prototype of a pipelined ADC later. The A-DDA consists 
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Fig. 3.15 Auxiliary Differential-Difference Amplifier topologies: (a) circuit schematic and (b) 
the symbol 



of two differential pairs with four inputs (two for virtual grounds and two for non- 
inverting inputs), with their currents sum at the drain of M2A and M2B, afterwards 
folded into the diodes M3A and M3C and later mirrored through M3B and M3D 
to the outputs. The output voltage and GBW of the opamp can be expressed as 
[17,26]: 

V utl — V mll 2 = Kg ml {(Vj np i — Vinp2) — (Viiml — Vinn2)\Rout (3.21) 

GBW = Kg ml /{2nC L ,o,) (3.22) 

where R out represents the equivalent output resistance, K is the current mirror ratio 
and C L tot is the total capacitive load. In Fig. 3.15a the VG-CMFB circuit can be 
applied from V ta ii in the right-side differential-pair to VCMFB to stabilize the CM 
voltage in the auxiliary amplifier, and the virtual ground CM voltage of the other 
differential-pair will be set by the main opamp's virtual ground CM level (See 
Fig. 3.13). 

Several special techniques are used in the A-DDA of Fig. 3. 15 to further improve 
its speed, namely: (a) NMOS differential pairs have inherently larger transconduc- 
tance than their PMOS counterparts and their drain current is folded into the diodes 
M3A and M3C, which are also NMOS such that the phase margin is not degraded 
significantly by this current mirror pole in the signal path. Such configuration can 
achieve potentially higher speed than the traditional current mirror opamp with 
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NMOS differential pair and PMOS current mirror; (b) Cascode transistors M4A and 
M4B are added into the output current branch to shield the PMOS current source 
transistors M5A and M5B from the Miller multiplication of the output node, which 
can significantly increase the input capacitance of the CMFB feedback point and 
thus slow down the common-mode response. Also, due to the cascode, it is possible 
to use minimum length transistors in M5A and M5B to further reduce their input 
parasitics. The cascode transistor may approach the vicinity of triode region in a 
low-voltage environment, but since the output resistance is dominated by the 
NMOS side (M3B and M3D), the resulting nonlinearity will be suppressed. Such 
arrangement can still provide a 6 dB benefit to the gain as the output resistance now 
becomes r oMiB rather than r oMiB / /r oM5A . 



3.7 Low- Voltage Offset-Compensation 

In time-interleaved ADCs offset-mismatch among various channels creates fixed- 
offset tones at multiples of fJM, with/ s as the overall sampling rate and M as the 
number of channels [27]. In order to achieve high dynamic range of such system, 
the offset must be compensated. In this section, the low-voltage offset compensa- 
tion techniques will be proposed which can be embedded into the previous dis- 
cussed crossed-coupled S/H in Fig. 3.10 as well as the gain-compensated MDAC in 
Fig. 3.13. 



3.7.1 The Crossed-Coupled S/H 

The S/H with a low-voltage offset compensation technique is proposed as shown in 
Fig. 3.16 with its single-ended equivalent circuits shown in Fig. 3.17 (for both 
phases). To obtain an S/H gain of 1 it would be necessary to have Ci = C 2 = C 3 = C. 
In phase 1 (Fig. 3.17a) C 2 is connected between the virtual grounds (V g+ and V g _ in 
Fig. 3.3) in the reset mode, thus equivalently sampling 2V Q s into C2, where Vos is 
the opamp offset voltage. A charge conservation equation (differential) can be 
written in phase 2 (Fig. 3.17b): 
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V in [<$>2}-V os 



(3.23) 
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Fig. 3.16 Offset-compensated crossed-coupled S/H 
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Fig. 3.17 Single-ended equivalent circuit of Fig. 3.16 in (a) phase 1 and (b) phase 2 
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V 0U ,[4>2] = V m [cf>\] + V l 



OS 



(3.24) 
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However, as derived from the operation of the reset-opamp circuit, the S/H will 
be reset (to V Q s) in phase 1, as illustrated in Fig. 3.17a, implying that the charge 
package discharged to the next-stage virtual ground can be expressed as: 



A? = C L {{V in [<$>\] + V os ) - Vqs} = C L V in [4>\] 



(3.25) 



showing that the opamp offset voltage is compensated without the use of any 
floating switches. 



3.7.2 The SC Amplifier 

In addition to the gain-compensation also an offset-compensation scheme is 
proposed which can be used in the SC amplifier in Fig. 3.13 to suppress the offset 
error generated simultaneously by the main and auxiliary amplifiers (as shown in 
Fig. 3.18). Notice the changes of switches connection in Fig. 3.18 as compared to 
Fig. 3.13 to enable the offset compensation. If V Q si and V Q s2 are the offset of 
the main and auxiliary amplifiers, respectively, then the main amplifier holds 
(considering only differential voltages): 



Previous Stage 
Reset-Opamp 



Main MDAC 



To next-stage 
virtual ground 




Fig. 3.18 Gain- and offset-compensated SC amplifier 
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C,i[(V to [01] - 0) - (0 - Vosi)]+Cfi[0 - (V i [02] - Vosi)] = (3.26) 
that leads to 

V ol [02] = £* V,-„ [01]+ C '' +C/1 V 0S i (3.27) 

Besides, the auxiliary amplifier will process both offsets from the main and the 
auxiliary amplifiers as follows (with the voltage at the negative terminal of A 2 as 
Vosi + V0S2): 

C s2 {[(Vosi - (Vosi + Vosi)] - [0 - (Vosi + Vosi)}} 

(j.Zo) 
+ C /2 {[(0 - (V 0S i + V 0S2 )] - [Vol [02] - (Vosi + Vosi)] } = 

which can be represented by 

V o2 [02]=^V O si (3.29) 

Notice that the following relationship is used in Section 3.6 for ensuring matched 
feedback factors in both amplifiers for gain compensation: 

^ = ^ (3.30) 

c fi c fi 

Finally, by combining (3.27), (3.29) and (3.30), the voltage stored in the 
capacitor C L during phase 2 can be expressed as: 

(V oi - V o2 )[02] = ^V,„[01] + V 0S1 (3.31) 

c /i 

Again the main amplifier will be reset to Vosi m phase 1 to discharge C L 
resulting in an offset-free charge transferred to the next stage. 



3.8 Summary 

This chapter presented several low-voltage circuit techniques summarized together 
with their advantages in Table 3.3. They serve as comprehensive solutions to 
various problems, like CMFB, power-hungry front-end T/R, level-shifting, 
increased process sensitivity and finite gain and offset errors, in low-voltage, 
high-speed, power efficient Reset-Opamp and Switched-Opamp circuits. They 
comprise the Virtual-Ground CMFB (VG-CMFB) combined with Output 
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Table 3.3 Summary of the low-voltage techniques 

Low-voltage techniques Main improvements in low-voltage designs 

Virtual-Ground CMFB with Output Power reduction (two pseudo-diff. opamp to one 

CM Error Correction (VG-CMFB + fully-diff. opamp) 

O-CMEC) 

Crossed-Coupled Passive Sampling Power reduction (eliminate the extra T/H) 

Interface (CCPSI) Accuracy (Low signal-feedthrough error) 

Voltage-Controlled Level Shifting (VCLS) Speed (increased feedback factor) 

Feedback Current Biasing (FBCB) Reduce opamp's sensitivity to process variations 

Low- Voltage Finite-Gain Compensation Improved opamp's speed/power trade-offs (allow 

(LV-FGC) the use of high-speed low-gain single-stage 

opamp) 

Low- Voltage Offset Compensation Canceling opamp's offset for time-interleaved 

(LV-OC) operation 



Common-Mode Error Correction (O-CMEC), Crossed-Coupled Passive Sampling 
Interface (CCPSI), Voltage-Controlled Level-Shifting (VCLS), Feedback Current 
Biasing (FCB), Low- Voltage Finite-Gain Compensation (LV-FGC) and Low- 
Voltage Offset Compensation techniques (LV-OC). 
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Chapter 4 

Time-Interleaving: Multiplying the Speed 

of the ADC 



4.1 Introduction 

While the current minimum feature size of IC fabrication technology limits the 
maximum achievable speed of electronic devices, parallel or time-interleaved (TI) 
architectures are one of the most effective solutions to boost the maximum speed 
of analog interfaces at the system level [1—7]. In principle the operating speed of the 
TI-ADC can grow linearly by increasing the number of parallel ADC channels, 
however various types of mismatches among different channels create modulation 
tones which degrade the performance of the TI-ADC, like offset [8, 9], gain [8, 9], 
timing [5, 8-11] as well as bandwidth mismatches (from the sampling RC time- 
constant) [9, 12-14]. Those mismatch effects must be fully characterized to achieve 
satisfactory performance in the design of TI-ADCs. 

This chapter will present first the principle of TI-ADC followed by the analysis 
of various types of channel mismatches and their effects into the performance of the 
whole ADC. Closed-form SNDR for all types of mismatch errors will be derived 
statistically and generalized with the inclusion of channel transfer functions' 
shaping effects to the mismatch-induced fixed-pattern tones and modulation side- 
bands. More details on the bandwidth mismatch (which is more difficult to analyze 
due to its dynamic nature) will be addressed also, since they will degrade the 
performance of the TI-ADC system even at low input-frequencies due to its 
phase-mismatch component. 



4.2 Time-Interleaved ADC Architecture 

Figure 4.1a shows an example of TI-ADC architecture, which utilizes M identical 
sub-ADCs arranged in parallel. The sub-ADC in each time-interleaved path oper- 
ates at a sampling frequency of fJM, where f s denotes the overall equivalent sampling 
frequency of the whole system. Figure 4.1b shows the clocking waveforms for 
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Fig. 4.1 A time-interleaved analog-to-digital converter, (a) The overall system architecture; 
(b) timing diagram 



such parallel architecture. The sampling clocks applied to each path are delayed 
respectively by one overall sampling period T — l/f s , thus each subsystem samples 
the analog input signals in an alternative manner. By employing parallel architec- 
tures the effective sampling rate can be multiplied by the number (M) of TI paths. 
A special case of TI structure utilizes double-sampling techniques [1, 15], which are 
extensively used in SC circuits with an equivalent TI path number M = 2. 

Although this parallel architecture seems very attractive in boosting the maxi- 
mum operating speed of sampled-data systems, various component mismatches 
among different interleaved channels (which are theoretically identical) can 
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seriously affect their performance [16], thus defining the performance limits of such 
kind of TI architecture. The component mismatches are generally characterized in 
the form of offset, gain, timing, and sampling bandwidth mismatches. Due to the 
periodic nature of time-interleaved architectures, they all appear in the form of 
undesired distortion tones around the frequency location of fJM in the signal 
spectrum and thus impose a limit in the achievable dynamic range of the system. 
For the offset and gain mismatches, self -calibration techniques [17-19] can be 
applied to correct the mismatch errors. However, the calibration of timing and 
bandwidth mismatches in time-interleaved systems is not an easy task since the 
errors that appeared are dynamic which depends on the input signal frequency in 
nature. Periodic timing skew can be caused by mismatched propagation delays in 
the multi-phase clock generator which provides time-interleaved sampling clock 
waveforms for the system, or due to undesired parasitic coupling (such as di/dt 
noise through the supply, generated by the switching of digital circuits [4]). While 
bandwidth mismatch would be generated by the mismatched in the timing-constant 
of the RC-sampling branch. 



4.3 Channel Mismatch Analysis 

All types of channel mismatches appeared as a form of errors that are periodic with 
frequency of fJM = 1/(MT S ), e.g. the input signal being processed by the TI-ADC 
always pass through a specific channel at an interval of MT S , i.e. it always see the 
same error in that channel for every M samples. As a result, channel mismatches in 
TI-ADC always create fixed tones (in the case of offset mismatches) or modulation 
sidebands (in gain, timing and bandwidth mismatches) at the locations which are 
multiples of fJM in the output spectrum of the ADC. 

To analyze the channel mismatch effects, the mathematical representation of the 
output spectrum of the TI-ADC must be determined. Consider the TI-ADC samples 
a continuous-time signal x(t) at nominally spaced time intervals of T s , and then pass 
through the transfer function of the ADC to obtain the sampled sequence y(t). 
Unlike other types of mismatches, timing-mismatch draws much more cares in TI 
sampled-data systems since different TI systems may have different timing charac- 
teristic. According to the classification in [5, 7], TI-ADC can be classified as 
IN-OU(IS) system, which means the Input signal is sampled by the system with 
Nonuniform time-interval and later played out or represented by discrete samples in 
the Output at Uniform time instants for later processing. This appeared typically in 
the analog to digital conversion path (timing-mismatch only @ input signal sam- 
pling), e.g. TI-ADCs [1] ormultirate sampled-data decimators [2]. Since the output 
of this kind of systems is in the digital domain, the output is equivalently in 
Impulse-Sampled form and thus it is referred as IN-OU(IS) process for practical 
analog to digital conversion systems. 
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For a TI-ADC which is an IN-OU(IS) system, the time-domain output signal can 
be represented as: 

oo 

y(0 = Y, {[*»('») * h n (t n )]d(t-nT)} (4.1) 

n— — oo 

where /z„(f) is the system's impulse response and 

x„(t n ) = x(t„) + O n (4.2) 

which embeds the input referred offset 0„ into the input signal x(t n ) to simplify the 
analysis, and * denotes the convolution operation. The subscript n means that the 
system impulse responses and input referred offsets are both vary sample-by- 
sample with period of M as a result of time-interleaved operation. For a TI system 
with M channels the following holds: 

t„ = nT + At„ (4.3) 

where At n is used to model the amount of timing mismatch which is a periodic 
sequence with period M, while the gain and bandwidth mismatch errors are model 
in the expression of h m (t) as presented in the subsequent subsections. To model the 
periodicity on At„, let n = kM + m, which implies 

t„ = (kM + m)T + Atm+m 

= kMT + mT + At„, 

= kMT + mT + r m T (4.4) 

where r„, = At m /T is the normalized periodic timing-skew sequence with period M, 
measured in percentage of T. Substituting (4.4) into (4.1) and utilizing the 
periodicity in t„ we have 

M-l DC 

y(t) = J2 Yl tt Xm * h m){kMT + mT + r m T)}d(t - kMT - mT) (4.5) 

m— k— — oo 

Taking the Fourier Transform of (4.5) yields 
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and by applying the following identities 
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The output spectrum can be simplified to 
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where 
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(4.9) 



represents the weights of the modulation sidebands of input signal spectrum X(oj) 
and 



M-\ 



1 ivi — 1 



(4.10) 



m=0 



represents the weights of fixed offset induced tones located at multiples of l/MT = 
f s /M. Equations (4.8)-(4.10) completely describe the spectrum of a TI- ADC system 
including all the mismatches. It shows that the characteristic of all types of 
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mismatches are similar, also creating weighted modulation sidebands or offset 
tones at multiples of fJM (with the weights specified by A k and B k in (4.9)), as 
shown in Fig. 4.2 for an example of M = 4. Notice that A k and B k are both periodic 
with period M, and k = in (4.8), (4.9) corresponding to the intended output 
spectrum, since 



M-\ 
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(4.11) 
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m=0 



for small value of r m (which is practical as the amount of timing-skew should be 
small compared to the whole sampling period 7), i.e. the original signal is now 
shaped by the average of the transfer functions in different channels. The overall 
channel offset term in (4.10) for k — can be simplified as 
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| iVl — 1 

*o=^X> m tf m (0) 



(4.12) 



m=0 



that means the overall channel offset is also the average of the channel offsets 
(which equals to input referred offset shaped by individual channel transfer 
function at DC). 

Although (4.9) represents the complete spectrum description of a TI-ADC with 
channel mismatches, it presents less information about the amount of the mis- 
matches that can be tolerated under specific system performance which is manda- 
tory for the early design phase. Specifically, it is more informative to evaluate the 
SNDR of such system due to the various types of mismatches independently, which 
will be presented in subsequent sections. 
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Fig. 4.2 General output spectrum of time-interleaved ADC (M = 4) 
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Offset mismatches among TI channels are generated by the input referred offsets of 
the whole sub-ADCs, which are statistically distributed among different channels. 
The offset may be contributed from the input referred offset from the differential 
pair of the opamps, which can be compensated through various types of auto- 
zeroing technique (like the low-voltage offset compensation scheme presented in 
Chapter 3). In additions, offset can also be generated by capacitor mismatches if the 
capacitors are used to process common-mode level shifts (like the voltage-control 
level-shifting techniques presented in Chapter 3). 

To evaluate the effects of offset mismatches to the performance of the TI-ADC, 
it is constructive to neutralize other types of channel mismatch errors. This is 
equivalent to set h m (t) = h(t) for all m to disable gain and bandwidth mismatch 
errors, and r„, = for all m to immobilize the timing mismatch errors in (4.8) to 
(4.10). Equation (4.9) then can be simplified as: 
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(4.13) 



and Eq. (4.8) can be rearranged as: 
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(4.14) 



where 
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(4.15) 



Equation (4.14) shows that the output spectrum contains the intended discrete- 
time signal spectrum plus the fixed offset tones with weights defined in (4.15) 
which are not signal-dependent. 

Assuming that the channel offsets O m are independent, identically distributed 
Gaussian random variables with zero mean and a standard deviation of a os , then the 
expected power of offset tones can be evaluated as follows: 
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Notice that E[0„,0„] always evaluates to zero unless m = n since O m and 0„ are 
two uncorrelated, zero-mean random variables, and (4.16) can be rewritten as 
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(4.17) 



Equation (4.17) shows that the all the offset tones have identical expected or 
mean power. Without counting the overall system offset at k — at DC which 
induced no distortion to the system, the distortion power due to offset mismatch can 
be evaluated as 
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(4.18) 



Consider a sinusoidal input signal with frequency of coq = 2nfo and amplitude of 
A, with the average sampled signal power of 
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The SNDR due to offset mismatch can be calculated as 
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(4.20) 



which can be used to evaluate the allowed standard deviation of input-referred 
offset in each sub-ADC. Notice that if we treat the offset located at DC (i.e. k = 0) 
as distortion also, then there are total M offset tones instead of M-l tones and (4.20) 
reduced to 
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(4.21) 



which is identical to the traditional SNDR formula in [8] with H(co) = 1 for all co. 
Figure 4.3 shows a plot of (4.20) and (4.21) versus no. of TI channels M to evaluate 
the difference between two equations (A = 1 V, a os = 1 mV and H(co) = 1 for 
all ffl). The SNDR difference can be as large as 3 dB for two-channel TI ADC since 
there are only two offset tones, one at DC and one at Nyquist. For large number 
of M, (4.20) converges to (4.21). For general TI-ADC (4.20) can be used since an 
overall DC offset can be easily removed by the system, however the offset mis- 
match cannot. 
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Fig. 4.3 Comparison of SNDR for offset mismatch using (4.20) and (4.21) 

As a final remark, (4.20) also includes the channel transfer function in the 
equation, and it is clearly seen that although the offset mismatch tones appeared 
at frequencies which are multiples of fJM, they are all shaped by the sub-ADC's 
channel transfer function at DC frequency, that means they cannot be filtered by the 
individual channel transfer function, e.g. a low-pass sampling network in the 
sub-ADC cannot filter-out the offset mismatch tone at Nyquist. This can be 
explained as individual channel offset appeared as DC signal inside the individual 
channel. 



4.5 Gain Mismatch 



Gain mismatches in time-interleaved systems are originated by the mismatch in 
channel's DC-gain, which may be contributed from the capacitor mismatches as 
well as finite-opamp gain error among channels. Notice that dynamic-type (fre- 
quency-dependent) gain-mismatch are more difficult to characterized since the 
performance of such system will heavily depends on the frequency response of 
the channel, but the mismatch in first order low-pass transfer function (known as 
bandwidth-mismatch) can still be analyzed which typically existed in the RC 
sampling front-end of the TI-ADC. The effect of static gain mismatch will be 
considered first and then followed by the bandwidth mismatch in later section. 

The effects of gain mismatch can be evaluated by setting H m {u>) = H(co)( 1 + <5„,) 
to enable gain but disable bandwidth mismatch errors, and 0„, = r m = for all m 
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to immobilize the offset and timing mismatch errors in (4.8) to (4.10). As a result 
B k = for all k in (4.10), Eqs. (4.8) and (4.9) can be simplified as: 
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where 
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(4.23) 



Thus the spectrum of the TI-ADC under gain mismatch consisted of weighted 
(by A k ) modulation sidebands of original input spectrum at frequency multiples of 
fJM. However as shown in (4.23), the weights are not input-frequency-dependent, 
thus the performance of gain mismatch does not degrade as the signal frequency 
increases. 

The SNDR of the TI-ADC under gain mismatch can be evaluated from the 
weights in (4.23). For an input sinusoidal signal with frequency ojo = 2nfo, the 
sidebands contain tones located at co = icon + k(2n)/(MT), with k = represent- 
ing the original input signal and k = +1, +2, ... or £ = —1,-2,... the positive and 
negative image components, respectively. Due to the symmetry property of the 
Fourier Transform of real signals, the images at positive frequencies of 
co = -co +k(2n)/(MT) with k= +l,+2, ... will be directly reflected by the 
images at negative frequencies of co = a»o + k(2n) / (MT) with k = — 1, —2, .... 
Thus, the calculation can be simplified by evaluating the sideband components at 
only co = ojo + k(2n) / (MT) over the range [—fJ2, fJ2] (or equivalently [0, f s ]) 
to find the SNDR (with respect to the signal only centered at coq) over the range of 
[0, f s /2]. In the following formula's derivation it has been assumed that 
coq ^ k(2it)l(MT), implying that the signal (and the sidebands as well) is (are) 
not exactly located at an integer multiple of fJM. Notice that all these assumptions 
are also valid for subsequent timing and bandwidth mismatch analysis. 

Simplifying (4.23) using co — coq + k(2n)/(MT) it yields: 
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where for k = Aq(coq) corresponds to the signal component, and for k = 1 to M-l 
A k correspond to M- 1 different sideband components. The SNDR, over the range of 
[0,/J or equivalently for k — 1 to M-l, can be expressed as [20]: 
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Assuming that the channel gain-mismatch components <5„, are independent, 
identically distributed Gaussian random variables with zero mean and a standard 
deviation of o&, then the expected power of the sidebands can be evaluated as 
follows: 
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(4.26) 



Similar to the case of offset mismatch, (4.26) also shows that the all the side- 
bands have identical expected or mean power. The total distortion power due to 
gain mismatch can be evaluated as 
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The expected power of the signal component can be calculated as: 
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(4.28) 



The last step of (4.28) hold since the standard deviation of gain mismatch er t5 is 
small compared with the nominal gain. The SNDR due to gain mismatch can be 
calculated by substituting (4.26) and (4.28) into (4.25) as: 
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1\ .„. f. r 



SNDR gail ^ m = 20 log I — I - 10 log 10 (1-^1 (4-29) 

which corresponds to the results in [8] (with the mapping of a$ = aja in [8]), 
however the results derived in here shows that the performance of the gain 
mismatch does not depends on the specific channel transfer characteristic H(co) as 
long as the gain mismatch are of static type. Actually as shown in (4.26) all the 
sidebands are shaped by the transfer function at input signal frequency, although the 
sidebands themselves are located at frequency multiples of f s /M. The reason is that 
the individual channel in fact only processes the original input signal frequency, so 
the mismatch tones are also shaped by H(ca ). 



4.6 Timing Mismatch 

Timing mismatch (or known as periodic timing-skew) in time-interleaved systems 
refers to the mismatch in sampling instant inside the individual channel. They are 
originated from the inaccurate sampling clock edges generated by the mismatch in 
the clock generation paths. Timing mismatches are difficult to compensate due to its 
signal-dependent dynamic nature, and complex algorithms [21, 22] are generally 
required to calibrate the timing mismatch in digital domain which leads to large 
digital area and power consumption. 

The effects of timing mismatch can be evaluated by setting H m {m) — H(a>) and 
O m = for all m to deactivate all the other type of mismatch errors in (4.8) to (4. 10). 
Then B k = for all k in (4.10), and (4.9) can be simplified as: 

i / ?tt \ y~i 

A k (co) =-H[0J- k V J™*? -jkr m % -jkm% (4 3Q) 

y ' M \ MTJ ^ 

Again the spectrum under timing mismatch consisted of weighted (by A k ) 
modulation sidebands of original input spectrum at frequency multiples of fJM. 
However, unlike the offset or gain mismatch, the weights are now input-frequency- 
dependent, thus the effect of timing mismatch are more pronounced at high 
input-signal frequency (but not the sampling frequency). 

To evaluate the SNDR, assume a sinusoidal input signal and simplifying (4.30) 
using co = coo + k(2n) / (MT) it yields: 

A, fflo +k m )= ^H(co ) ]T e'"^e-^ (4.31) 

V ' m— 

Assuming that the timing-mismatch components r m are independent, identically 
distributed Gaussian random variables with zero mean and a standard deviation of a rm . 



4.6 Timing Mismatch 



67 



To evaluate the expected value of sidebands power the following statistical formula 
can be utilized [23]: 

E[<J°*> Tr ">] = e-^Vl 1 (4.32) 

Then the expected power of the sidebands can be evaluated as follows: 
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for small value of /•„, and thus er„„. Similarly all the sidebands have identical 
expected or mean power. The total distortion power due to timing mismatch can 
be evaluated as 
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The expected power of the signal component can be calculated as: 
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The SNDR due to timing mismatch can be calculated by substituting (4.34) and 
(4.35) into (4.25) as: 
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(4.36) 
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where a, = a lm T represents the standard deviation of the timing mismatch in unit of 
second. From (4.36) it is evidence that the performance of the TI-ADC under timing 
mismatch degrades as the input signal frequency increases, but it has no relation to 
the sampling frequency since usually the amount of timing mismatch is specified as 
absolute value of second. Equation (4.36) corresponds to the results in [8, 10], 
however the derivation shown in here presented important information that the 
performance again does not depend on the specific characteristic of the channel 
transfer function. 



4.7 Bandwidth Mismatch 

Bandwidth mismatches are originated from the mismatch in sampling timing- 
constant in the front-end of TI sampling systems. A typical S/H circuit widely 
used in the front-end of sampled-data systems is shown in Fig. 4.4, which must also 
be part of each channel of the ADC front-end of Fig. 4. 1 . In phase 1 the continuous- 
time input signal is passively sampled into the capacitor C and also RC-filtered by 
the finite bandwidth imposed by the sampling switch's on-resistance R and the 
sampling capacitor C. The mismatches occurring in the sampling switches and the 
capacitors among various channels will lead to the overall bandwidth mismatch. 
Notice that this kind of bandwidth mismatch will only modulate the continuous- 
time input signal, and after the signal being sampled into the capacitor C the 
operation of the remaining part of the S/H is in discrete-time and all the mismatches 
will appear as offset and pure gain-mismatches that were already fully character- 
ized before. 

A thorough spectra-domain analysis of the bandwidth mismatch effect will be 
proposed here and based on this a closed-form SNDR expression will be derived 
[6]. In traditional sense, one way to avoid the limitation from bandwidth mismatch 
among the channels is to increase the sampling bandwidths, so that they are greater 
than the maximum input frequency to be digitized. However, it will be proven that 
the most important contribution for the bandwidth mismatch is the phase mismatch 
originated from the phase-shift of the RC-filtering by the sampling branch, which 
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Fig. 4.4 A typical front-end S/H circuit 
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causes performance degradation even for signal frequencies smaller than the 
bandwidth of such sampling branch, thus weaken the effectiveness of the increased 
sampling bandwidth (a quite unexpected result). Although the analysis of determin- 
istic bandwidth mismatches had already been addressed in [9, 12] and [13], this 
section will present a comprehensive and thorough study with a statistical approach 
that comprises the following improved features over previous works: 

(a) A handy closed-form SNDR expression is derived. 

(b) The formula can be generalized for any number (M) of TI channels. 

(c) Since intrinsic circuit imbalance (being highly circuit- and architecture-dependent) 
or inadequate layout design will introduce systematic mismatches, and consid- 
ering that only standard deviations of various mismatch parameters are given 
by the foundries process datasheets, a statistical method dealing with random 
mismatches is derived. 

The formula derived here will simplify the performance evaluation of TI sam- 
pling systems under bandwidth mismatches, and will also allow the prior determi- 
nation of the specifications of sampling switches and capacitors in the design phase 
for a specifically targeted value of SNDR. Comparison with the analysis in [14] 
which focuses on the design methodology for digital post calibration that valid for 
small input signal bandwidth, the analysis here is targeting a prior analysis to 
suppress the bandwidth mismatch within a full input signal bandwidth at a much 
earlier design phase that is well suited for usual top-down analog design flows. 

Assuming that R m and C m are the switch's on-resistance and the sampling 
capacitance of the mth channel, respectively, then, the sampling time constant 
would be t„, = R,„C m = t(1 + x m ) where x corresponds to its mean/nominal 
value and x m is the percentage of the time-constant mismatch, which are Gaussian 
distributed random variables with zero mean and standard deviation of a Tm . Based 
on this, the frequency response in the mXh channel can be defined as: 



HJ(o)= = , (4.37) 

l+jon„, l+jcox{l + x m ) 



where a is the dc gain which is identical for all channels, so the gain mismatch 
error is neutralized and only bandwidth mismatch is considered (Also O m = and 
I'm = 0)- Using co = <x>o + k(2n)/(MT) the weights of modulation sidebands in (4.9) 
can be simplified as: 



A k [co + k = — > H m (co )e- Jkm " = — > -, r (4.38) 
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Following the formula derivations in Appendix B the SNDR for the TI-ADC 
with bandwidth mismatch can be proven as: 
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SNDRbanMh^is = 10 log 10 [l + OJqT 2 ] - 20 log 10 [oj T(T T , 
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(4.39) 



Equation (4.39) can be used for quick evaluation of the performance of TI 
sampled-data systems under the influence of bandwidth mismatches. Important 
information can be extracted directly from (4.39), namely that SNDR is inversely 
proportional to the signal frequency, as expected. Notice that the SNDR only 
degrades by an amount of 3 dB from M — 2 to oo, as shown in Fig. 4.5, a fact 
that was not explained before when the phenomenon of bandwidth mismatch was 
previously analyzed [9, 12] and [13] (actually a similar conclusion can be found in 
the offset, gain and timing mismatch analysis). 

To verify the accuracy of the formula MATLAB FFT model simulations are 
presented. Figure 4.6a shows plots of the simulated SNDR versus normalized signal 
frequency ojqx and a xm by 10,000 times Monte-Carlo simulations under M — 4 and 
(OqT = 2n x 0.2495, with the absolute error (in dB) between the simulated and 
calculated SNDR presented in Fig. 4.6b. From this figure the absolute error between 
the simulated and calculated SNDR is well below 0.5 dB for the normal range of 
(Oqx and a xm . The error starts to increase with higher values of the mismatch a xm and 
high input frequency, since an approximation of er rm <<l is considered in the 
previous formula derivations, but such a large value of mismatches (e.g. >10%) 
are not typical in CMOS which will lead to an SNDR of only <20dB. Figure 4.7a 
shows another 3D plots of the simulated SNDR versus the number of TI channels 
M and a xm by 10,000 times Monte-Carlo simulations under m x = 0.8 and 
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Fig. 4.5 A plot of no. of TI channels M versus SNDR (simulated and calculated from (4.36) with 
coot = 0.8 and d r =1% 
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Fig. 4.6 (a) Simulated SNDR and (b) absolute error between the simulated and calculated SNDR 
of TI systems under bandwidth mismatches versus normalized frequency ojqt and mismatch 
standard derivation <r Tm by 10,000 times Monte Carlo Simulations (M = 4, at T = 2% x 0.2495) 

(OqT = 2n x 0.2495, with the absolute error (in dB) between the simulated and 
calculated SNDR presented in Fig. 4.7b. It is also demonstrated that the formula can 
accurately predict systems' performance under any number of TI channels M. 

The first order filtering effect caused by the sampling branch will usually have 
more influence when the signal frequency is near or greater than its bandwidth, 
since before the —3 dB-frequency the filter provides only negligible attenuation. 
However, the bandwidth mismatches among Tl-channels can have a large impact 
on the performance even when the signal frequency is well below the corner- 
frequency (quite unexpectedly), since the phase shift starts to increase at 1/10 of 
the corner-frequency. To demonstrate this effect, consider an idealized RC-filter 
which do not have phase response but only have the magnitude response: 
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Then the corresponding SNDR can be calculated as 
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Fig. 4.7 (a) Simulated SNDR and (b) absolute error between the simulated and calculated SNDR 
of TI systems under bandwidth mismatches versus no. of TI channels M and mismatch standard 
derivation a Xm by 10,000 times Monte Carlo Simulations (coqT = 0.8, WqT = 2n x 0.2495) 
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which differs from (4.39) only in the last term. Figure 4.8 presents a plot of (4.39) 
and (4.41) as a function of (DqX with M — 4 and er rm = 1%. It clearly shows that the 
effect of the phase mismatch is dominant especially at low frequency, which will 
lead to (e.g. 25 dB) overestimation of SNDR for the TI systems if only gain 
mismatch is considered as a dominating factor below the corner frequency. 



4.8 Summary 

In this chapter the principles and practical considerations of the design of time- 
interleaved ADCs have been investigated. Various types of mismatches (including 
offset, gain, timing and bandwidth mismatches) among different time-interleaved 
channels will create fixed pattern tones or modulation sidebands which will degrade 
the performance of such ADC systems. 

The effects of all types of mismatches in the system performance had been 
thoroughly investigated in the spectral domain, and closed form expressions for the 
SNDR of the TI-ADC are derived as follows: 
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Fig. 4.8 A plot of normalized frequency coot versus SNDR (simulated and calculated from (4.36) 
and (4.41) with M = 4 and a z =1% 
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These formulas can be used to determine the amount of the various types of 
mismatches that can be tolerated during the early design phase, thus allowing to 
derive the corresponding specification in the design of the various circuit blocks, 
e.g. the offset specifications of the opamps, the matching of the capacitor ratio 
and thus the size of the capacitors, the amount of timing-skew that is allowed in 
the design of clock generators and clock buses, as well as the size of switches, 
sampling capacitors, and the matching requirements in the layout routing of the 
input signal and clock buses. 
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Chapter 5 

Design of a 1.2 V, 10-bit, 60-360 MHz 

Time-Interleaved Pipelined ADC 



5.1 Introduction 

ADCs with resolution of eight to 12 bits and sampling rates of several hundreds of 
mega-samples-per-second (MS/s) found increasing importance in various types of 
wide-band applications, like in wireless transceivers, medical imaging, video signal 
processing, data acquisition and instrumentation. Very often the limitations in 
achieving such speed ranges of the ADC's specifications are one of the whole 
system bottlenecks. The possibility of having reconfigurable speed/power options 
in a single ADC design is also important for various applications that require 
varying speed, like in multi-standard transceivers or in various video with different 
resolutions and refresh rate. This characteristic permits to obtain a good compro- 
mise in terms of speed-per-power over various speed requirements [1]. 

This chapter will present the implementation details of a 1.2 V, 10-bit, 
60-360 MS/s time-interleaved reset-opamp pipelined ADC implemented in 0.18 um 
CMOS technology with Metal-Insulator-Metal (MiM) capacitor option, and for the 
mid-supply floating switches, the threshold voltages are V thn /Vthp = 0.63 V/-0.65 V 
with the consideration of body effects, thus the sum of threshold voltages are 
greater than the supply voltage so that floating switches cannot be utilized. The 
key features employed in the ADC include: 

1. Six time-interleaved channels applying a front-end resistive-demultiplexing 
technique implemented in a low-voltage environment. 

2. All the low-voltage circuits techniques presented in Chapter 3 to achieve 
high-speed SC pipelined ADC implementation. 

3. Several speed options, namely 60, 120, 180, 240 and 360 MS/s with 
corresponding scaled power consumption obtained through the selection of 
different number of channels that can be either 1, 2, 3, 4 or 6, respectively. 

4. Low-voltage current-mode sub-ADCs which allow current-mirror sharing 
between the low-voltage comparators thus implying a reduction in static 
power consumption. 



S.-W. Sin et al., Generalized Low-Voltage Circuit Techniques for Very High-Speed 75 

Time-Interleaved Analog-to-Digital Converters, Analog Circuits and Signal Processing, 
DOI 10.1007/978-90-481-9710-l_5, © Springer Science+Business Media B.V. 2010 



76 



5 Design of a 1.2 V, 10-bit, 60-360 MHz Time-Interleaved Pipelined ADC 



5. A programmable timing-skew insensitive clock generator that alleviates the 
timing-mismatches among different channels and at the same time provides 
programmable multi-phase clocks for different speed options. Digital calibration 
usually reveals itself as a much more complex and costly solution to calibrate the 
dynamic timing-mismatches, especially in the 0.18 urn CMOS technology node. 

All the techniques mentioned above are implemented without using any on-chip 
high-voltage to alleviate floating switch problems. On the other hand, they also 
exhibit a good potential to be applied in more advanced technology nodes (obtained 
through continuing deep-submicron CMOS down-scaling), as it is here clearly 
demonstrated, in particular by the very small headroom between the threshold 
and supply voltages. 



5.2 The Overall ADC Architecture 

Figure 5.1 shows the functional block diagram of the proposed ADC architecture that 
is composed by six time-interleaved channels. Each channel comprises a 60 MS/s 
pipelined ADC, as shown in Fig. 5.2, with a front-end S/H and eight 1.5 b MDAC 
stages, as well as a final 2 b flash ADC, like in typical 1 .5 b/stage architectures. The 
structure includes built-in Digital Error Correction (DEC) logic in each channel 
producing a 10 b digital code that can be eventually combined with the output digital 
multiplexer. To implement input demultiplexing in a low-voltage environment, a 
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Fig. 5.1 Proposed six channels time-interleaved ADC architecture with speed-scalable options 
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Fig. 5.2 The pipelined ADC architecture in one channel 

resistor R is used (before each channel) to interface with the input signal. This, 
associated with the crossed-coupled S/H (described in next section) will allow demul- 
tiplexing the input signal into each channel without signal feedthrough problems. 

The power/speed scalable option is implemented by selectively powering-down 
the unused channels (by switching-off the biasing currents in the opamps) since in a 
time-interleaved ADC the overall conversion speed is proportional to the number of 
channels being used. As depicted in Fig. 5. 1 , a channel controller is used to activate/ 
deactivate the bias currents of the opamps in various channels, and NAND gates are 
also utilized before the time-interleaved clocks arrive to the gates of the analog 
switches in each individual channel to avoid switching operation during power- 
down. The programmable clock generator (controlled by the channel controller) 
automatically provides the corresponding clock phases for different speed options, 
and the 10 b codes from various channels are combined in the final Multiplexer 
(Mux) to form a single set of 10 b output codes. The method described achieves 
very high-speed of operation with power/speed scaling options due to the high- 
speed nature of time-interleaved ADCs. 
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5.3.1 Resistively Demultiplexed Front-End S ample -and-H old 



Time-interleaved techniques are difficult to be applied in low-voltage environments 
due to the inherent problems of floating switches [2—4]. Here, a resistive demulti- 
plexing technique is proposed which, if combined with a crossed-coupled reset- 
opamp S/H as presented in Chapter 3, can provide input demultiplexing without 
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Fig. 5.3 Crossed-coupled S/H with resistive front-end demultiplexing 

direct signal-feedthrough problems, as illustrated in Fig. 5.3. Signal-feedthrough is 
generated (although attenuated) which can be cancelled by the cross-connected 
capacitor C 2 - As a result the input signal is decoupled between different channels 
thus allowing the demultiplexing operation. 

The output common-mode voltage of the opamp in Fig. 5.3 should be set at mid- 
supply in amplification phase to maximize the output swing, and the VCLS 
techniques in Section 3.4 is utilized here. C\ = C 2 = C3 to implement a gain of 1, 
and Vi, V4 are fixed potentials used to obtain the required level-shifting function. 
For this S/H circuit the following relationship holds: 



V out ,CM[(f>2] =-^-V in ,cM + I 1 +— -^ — - )V G .CM 



c\ 



c 3 



C 3 



[C l V 2 + (C l +C 2 )Vi} 



(5.1) 



which shows large flexibility for adjusting the value of the level shift. For C\ = 
C 2 = C 3 , Vj„, C M = 0.6 V and V g ,cm = 0-75 V DD = 0.9 V for suitable biasing point of 
the NMOS differential pair of the opamp, the bias voltages can be simply chosen as 
V, = V 2 = 0.9 V such that V outiCM [02] = 0.6 V. 

5.3.2 1.5 bl Stage Multiplying-Digital-to-Analog-Converter 
(MDAC) 



Figure 5.4 shows the circuit diagram of the 1.5 b MDAC stage used in the pipelined 
ADC. The MDAC is gain-and-offset compensated using the techniques in Chapter 3. 
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Only the five stages of the front-end MDACs have utilized the auxiliary amplifier to 
compensate the gain error. All the main opamps use the current-mirror topologies 
as shown in Fig. 3.12, while the auxiliary opamps utilize the differential-difference 
opamps as shown in Fig. 3.15, with the device size of the first stage main and 
auxiliary opamp presented in Table 5.1. The sampling capacitors and the opamps 
are scaled down along the pipelined stages to save power. 

The implementation of the reference injection circuit is also shown in Fig. 5.4. 
Unlike the traditional flip-over MDAC architecture [5] that can achieve the most 
excellent feedback factor of 0.5, in low-voltage designs this architecture cannot be 
utilized due to the floating switches problems. Extra capacitors C re f are used in 
Fig. 5.4 to inject a reference-dependent charges into the virtual ground of the opamp 
to achieve the reference subtraction, and the output voltage of the MDAC can be 
expressed as (considered only the differential mode): 

C C 

V i -V o2 = -^- V in - mV DD -^ + Gain error (5.2) 

where m would be equal to either 1, 0, or —1 depending on the sub-ADC 
decision (corresponding to code 10, 01 and 00 in Fig. 5.4 respectively). The amount 
of reference voltage injected is defined as a ratio of supply voltage, and 
C re f : Cfi : Cji = 1 : 2 : 4 is used to implement the desired reference voltage injec- 
tion and the 2x MDAC gain, with the feedback factor reduced to 0.28 even without 
counting the parasitic input capacitances of the opamps. 

Notice that two separated reference capacitors are used to handle the different 
common-mode injection requirements through the reference capacitors depending 
on the sub- ADC decision. When m is equal to 1 (or —1), the left side of the 
capacitor C re f is connected to Vqd ( or GND) while in the opposite differential 
path it is connected to GND (or V DD ). This is equivalent to connect a mid-supply 
common-mode voltage during the code decision m = 1 or —1, but for the case of 
m = 0, no reference charges are needed to be injected and thus the mid-supply 
common-mode voltage cannot be produced due to the lack of floating switches. 
In order to ensure equal-common-mode voltage injection among different codes, 
different C re f is utilized for different code decision in sub-ADC. It can be deducted 
the following CM relationship (assuming that both the main and auxiliary opamps 



Table 5.1 Device size for main and auxiliary opamp in first MDAC 

Transistor Size (mm) Transistor Size (mm) 

M0 12/1 x 64 M0A, MOB 12/1 x 64 

MIA, M1B 6/0.25 x 32 M1A-M1D 6/0.25 x 32 

M2A, M2B 3.5/0.25 x 84 M2A, M2B 3.5/0.25 x 74 

M3A, M3C 2.5/0.35 x 4 M3A, M3C 2.5/0.35 x 4 

M3B, M3D 2.5/0.35 x 36 M3B, M3D 2.5/0.35 x 16 

M4A, M4B 17.5/0.18x90 M4A, M4B 17.5/0.18x40 

M5A, M5B 16/0.18x90 M5A, M5B 16/0.18x40 
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Fig. 5.4 A reset-opamp MDAC with gain-and-offset compensation 

in all stages have the same V G CM = V CM = 0.9 V and considering the previous 
stage reset to Vg,cm in phase 2): 



C ref 






l-^ L |V ( -, / ror/»= lor- I (b3) 
c /i/ 



Vol, CM [^2] — — — Vin.CM — ~p^VcM\ 






By choosing V CM = 0.9 V, V CM i = 0.3 V, V in , CM = 0.6 V then both (5.3) and 
(5.4) evaluate to 0.6 V. Actually to achieve the require level shifting, only two extra 
common-mode voltage (V C m = 0.9 V, V CM1 = 0.3 V) is required. Since the 
common-mode voltage doesn't require being accurate, these CM voltages can be 
generated by simple resistive ladder with bypassing capacitors. 



5.3.3 Current-Mode Sub-ADC Design 



The 1.5 b sub- ADC contains two comparators while the final 2 b sub- ADC contains 
three. Conventional voltage-mode differential pair architectures cannot be used in 
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Fig. 5.5 The low-voltage current-mode 2 b sub-ADC architecture 

low-voltage designs due to large voltage swing and input common-mode range. 
Also, switched-capacitor comparators cannot be utilized due to the floating 
switches. A current-mode comparator [6] will be adopted here based on its low- 
voltage operation capability and adjustable threshold. It will also exhibit very low 
kick-back noise from the latch since it is shielded in two steps by the current-mirror 
and the input resistors. However, due to the operation in current-mode the com- 
parators will draw static power in the current mirrors. To reduce the static power a 
low-voltage current-mode sub-ADC architecture is proposed, as shown in Fig. 5.5 
in its 2 b version, to share the static current mirror in the sub-ADC. The current 
mirror voltages Vb inp , Vhmn are generated from the input signal V inp and V,,„„ and on 
the other hand Vbrefy» Vbrefn are generated from the supply rails to produce reference 
voltages for the comparators. These mirror nodes can be shared among three 
comparators (Fig. 5.5) since two of three comparators have identical thresholds 
with different polarities (+/— 0.5 V re f comparator thresholds as required in 2 b 
stages), while the zero-reference comparator does not require reference voltages. 
The zero-crossing points of the +/— 0.5 V re f comparators are defined as follows: 



V, 



±Wdd 



±{v ref 



(5.5) 



5.3.4 Programmable Timing-Skew Insensitive Clock Generator 



Besides offset- and gain-mismatches, sampling-time mismatches in various time- 
interleaved channels also create modulated sidebands which will degrade the 
performance of the ADC [7]. A low-skew clock generator (shown in Fig. 5.6) is 
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Fig. 5.6 Programmable low-skew clock generator 

used here to reduce the sensitivity due to the timing-skew effect, which relies on 
assigning the common master Pre-clk signal for the decision of the sampling 
instant. This is a modified version from [8] that provides correct clock phases for 
speed scaling options in which some of the D-Flip-Flops in the ring-counter are 
bypassed depending on the channel controller output (Fig. 5.6). 



5.3.5 Noise Analysis 



Circuit noise is one of the main dominant limiting factors to the achievable dynamic 
range of the ADC, especially in low-voltage circuit which has intrinsically reduced 
signal swing and thus the signal power, as well as the added extra circuitries (and 
extra noise) in various low-voltage circuit solutions, e.g. reset-opamp technique and 
auxiliary gain compensation. Circuit noises are originated from random fluctuations 
due to on-resistance of the switches as well as the transistors in the opamps, and 
flicker noise is negligible compared with thermal noise contribution in broadband 
sampled-data systems [9]. 

In SC circuit when the input signal is passively sampled into the capacitor, the 
white noise spectrum generated by the channel on-resistance of the switches will be 
filtered by the first order RC low-pass transfer function. Since the same resistance R 
is used in generation of thermal noise as well as the bandwidth, the total sampled 
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noise power in the capacitor (which is typical in sampling phase) is governed by the 
well-know kT/C noise. However during the amplification phase the switches are 
used to discharge the sampling capacitor into the virtual ground of the opamps and 
in this case the white noise of the switch's resistance is shaped by the opamp's 
closed-loop bandwidth which is predominant one. In this case, the resulted output 
noise of the SC stage will also depends on the channel resistance, which involves 
more complex manipulations. 

As an example, consider the crossed-coupled S/H circuit as shown in Fig. 5.3. 
The thermal noise contributions from both the switches and opamp in the sampling 
and reset phase can be represented in Fig. 5.7. As shown in Appendix C, it can be 
shown that the output noise of the S/H can be evaluated as 



' n,S/H 



2< 2kT/C + oi GB W-<j>\ 



kTR, 



1 



,(0) 



ffl GBW_c/>2 



.Q0opai)ii> 



(0) + kTP(R sl , B +R s2 s) 



(5.6) 



s1 A 

r-@ — AAA 




Fig. 5.7 Noise in the crossed-coupled S/H for (a) sampling phase and (b) amplification phase 
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where co GBW $„, is the gain-bandwidth of the opamp in phase m, S opamp (0) is the 
input referred noise Power Spectral Density (PSD) at low frequency, fi is 
the feedback factor and all resistances are represented in Fig. 5.7. Similarly for 
the MDAC equivalent circuit in Fig. 5.8, the noise can be evaluated as 
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Fig. 5.8 Noise in the MDAC for (a) sampling phase and (b) amplification phase 
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(5.7) 



where (o GBW main ^ m and (o GBW aux $ m is the gain-bandwidth of the main and 
auxiliary opamp in phase m, S opamp (0) and S aux (0) is the input referred noise PSD 
of both opamp at low frequency, respectively, and S pre (0) is the input referred noise 
PSD of previous stage's opamp at low frequency. 

According to on-resistance value and the input referred PSDs of the opamp as 
obtained by transistor simulations, the input referred noise voltage of the pipelined 
ADC can be calculated as 484 \iV rms , compared with the noise simulated using 
Transient Noise analysis in Cadence which is 522 \iV rms . Together with the quanti- 
zation noise this will limit the SNR of the whole ADC to 56.6 dB. 



5.3.6 Channel Mismatch Analysis 



Since the ADC is time-interleaved in six channels, channel mismatches should be 
characterized. Table 5.2 shows the contribution of the various mismatch parameters 
and the resulting SNDR from the formula derived in Chapter 4, including noise 
budget as presented before. It can be seen that the performance of the ADC is 
limited by noise. 
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Table 5.2 Contribution of various mismatches and noise error sources 






Offset (V) Gain Timing (s) Bandwidth 


Noise 


Total 


Sigma 5.00E-04 8.00E-04 2.00E-12 2.00E-03 
SNDR limit 59.4 62.7 66.8 63.3 


56.6 


53.4 



5.4 Layout Considerations 

This high-speed ADC is laid out in a 0.18 um single-poly, six-metal CMOS process 
with MiM capacitor options. Considering the highest clock frequency inside the chip is 
running at 360 MHz and various signals and clocks are required to distribute to various 
time-interleaved channels, special attention was paid to the design of the layout, 
including device and path matching, the parasitic RC-delay in the metal routings, 
shielding of sensitive signal (such as virtual grounds), isolation between analog, digital 
as well as 10 data buffer domains, and power-ground distribution network. 

Figure 5.9 shows the floor plan and the die microphotograph of the prototype 
ADC. The total active area is 13.2 mm 2 (2.2 mm 2 per channel), which is dominated 
mainly by the large sizes of capacitors as well as the transistors in the opamps due to 
the reduced headroom for thermal noise and transistors' overdrive voltage. The six 
channels are laid out horizontally, and the channels are arranged such that, e.g. 
channel 2 and 5 share the same clock buses and thus are put adjacent to each other, 
since they share the same set of interleaved clocks (i.e. phase 1 in channel 2 is 
identical to phase 2 in channel 5). 

By this specific layout placement of channels that sharing the same clock buses, the 
opamps between channels are placed in closer proximity such that their matching is 
better; However for the channels that are located far away (like channel 1 and 6), the 
matching of transistor between them is quite poor. This would induce large mismatch 
in the channel gain among them, especially for the front-end S/H. Such gain mismatch 
will be calibrated by digital post-processing as demonstrated in Chapter 1 . 

Special attention was also devoted to the supply bus routing due to the high-speed 
nature of the ADC chip. To minimize the supply impedance, power buses are routed 
with large sheets of parallel metal layers, with distributed PMOS decoupling capa- 
citors [10-13] throughout the empty spaces of the chip, and multiples bondwires 
connected to the package to reduce the equivalent supply inductance which is one of 
the dominant causes of supply and substrate noise coupling [10, 14-19]. Further- 
more, since inside the MDAC the supply voltages have been used to generate 
reference voltages, reference power buses are routed apart from the main power 
bus to avoid the resistive voltage-drops developed by the large static opamp currents, 
which cause code-dependent errors and lead to the degradation of ADC's linearity. 

The analog input signal enters from the left side of the chip and then is routed to the 
interleaved S/H in each channel. This routing is carefully matched to minimize the 
bandwidth mismatch effect due to the additional parasitic RC routing delay. The clock 
generator and the digital circuits are located at the right side of the chip which is far 
away from the most sensitive front-end S/H and MDACs in the left side, to avoid noise 
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Fig. 5.9 Die microphotograph 
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Fig. 5.10 The layout of the first stage MDAC 



coupling from noisy digital substrate. The clock buses are also carefully matched to 
evenly distribute the time-interleaved clocks to the individual channel. The 10 b codes 
from each channel are then routed to the output digital multiplexer and decimator and 
then eventually output from the 10 buffers from the bottom side of the chip. 

Figure 5.10 shows the layout of the first stage MDAC, which is composed of the 
main MDAC plus the auxiliary amplifier for gain compensation. The opamps used 
in both amplifiers are laid out in symmetrical ways, and the capacitors are placed in 
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common-centroid manner and dummies exteriors to reduce the gradient- and 
periphery-induced capacitor mismatches [20-26]. Sensitive signal such as virtual 
grounds are shielded using analog ground to avoid noise coupling which is crucial 
especially in high-speed mixed-signal circuit designs. 



5.5 Simulation Results 

5.5.1 Opamp Simulations 

The speed of the opamps used in the pipelined ADC are crucial to the performance 
of the whole pipelined ADC linearity. Since the opamps are used in a negative- 
feedback configuration, stability must be ensured while maintain sufficient gain- 
bandwidth product to achieve the required settling accuracy. It is difficult to be 
achieved especially in reset-opamp circuits, since they are enforced to reset in 
resetting phase (feedback factor /? = 1) for its basic operation, while in the 
amplification phase the feedback factor drops dramatically to (S = 0.23 (including 
post-layout parasitics), as shown in Fig. 5.4. Such difference in feedback factor in 
both phases creates challenges in optimizing the Unity-Gain Frequency (UGF) and 
the phase margin of the opamp, since the non-dominant poles must be located at 
frequencies high enough so that the opamps are still stable in resetting phase, while 
it is not desire to over-compensate the opamp during the amplification phase which 
would affect its settling time. For the most stringent requirement on the first stage 
MDAC, AC open-loop post-layout simulations show that the main opamp in this 
MDAC dissipates around 7.6 mW under 1.2 V supply voltage, with 44 dB of DC- 
gain, 732 MHz of UGF, 29° of phase margin in resetting phase (as shown in 
Fig. 5.11a with corner cases), and 30 dB of closed-loop DC-gain, 316 MHz of 
closed-loop bandwidth, 81° of phase margin simulated at the virtual grounds of the 
opamp in the amplification phase (Fig. 5.11b with corner cases). Notice that 
although the phase margin of the opamp reset phase is as low as 30°, the opamp 
is still stable throughout the corners, and the opamp can still settle due to the large 
bandwidth in the reset-phase. Figure 5.12 also demonstrated the corresponding 
post-layout loop-gain simulation results for first stage auxiliary amplifier, showing 
that it achieve a 39 dB of closed-loop DC-gain, 175 MHz of closed-loop bandwidth, 
72° of phase margin and consuming 6.7 mW. According to the gain-compensation 
scheme in Chapter 3, the equivalent opamp gain is equal to 83 dB which is sufficient 
for the first stage MDAC. 

5.5.2 Front-End SIH 

The front-end S/H has utilized the VG-CMFB technique as presented Chapter 3 to 
stabilize the output common-mode level, and together with the VCLS technique the 
output common-mode can be set at different voltage at different phase. Figure 5.13 
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Fig. 5.11 Post-Layout loop-gain frequency response of the first MDAC's main opamp in 
(a) resetting phase and (b) amplification phase 

shows the transient simulation waveforms, in which the single-ended output voltage 
and differential output are presented in Fig. 5.13a and b respectively. The S/H 
achieve a good linearity (<— 65 dB Total Harmonic Distortion, THD), since no 
floating switches are presented and thus the S/H are inherently free of signal- 
dependent charge-injection and on-resistance from those switches. 
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Fig. 5.12 Post-Layout loop-gain frequency response of the first MDAC's auxiliary opamp in 
(a) resetting phase and (b) amplification phase 

5.5.3 Current-Mode Comparator 



In the operation of 1.5 b/stage pipelined ADC, the offset voltage of the 1.5 b 
sub-ADCs are greatly relaxed to within 1/4 of full reference voltage only due to 
the use of digital error correction (DEC) techniques, while for the last 2 b sub- ADC, 
the offset voltage should be within 0.5 LSB. 
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Fig. 5.13 Transient simulation of the S/H. (a) The single-ended output and (b) the differential- 
mode voltage 



To ensure the offset voltage of all the current-mode sub-ADCs are within 
specification, post-layout Monte Carlo simulations are performed under various 
process corners, as shown in Fig. 5.14. The current consumption of the 1.5 b 
sub-ADCs are 300 (J.W each and the 2 b final flash consume totally 600 uW. 
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Fig. 5.14 Histogram of a 100-run Monte-Carlo simulation to mismatch-variation under 
(a) typical, (b) fast and (c) slow corner 



5.5.4 The Overall ADC Simulations 



The full chip was extracted and simulated with layout extraction and simulation 
package, e.g. spectre and spectreRF for simulations and Assura DRC, LVS and 
RCX for back-end verifications. Spectre transistor-level simulations are done with 
extracted layout parasitics including the bondwire inductance from all pins (e.g. 
supplies in analog and digital domain, clock and signal input, etc.). Channel 
mismatches (from MOSFETs, capacitors and resistors) are simulated through 
Monte-Carlo simulations. The SNDR includes the contributions of thermal and 
flicker noise which are simulated through the Transient Noise analysis from 
Cadence. The INL/DNL is too computational expensive to be simulated but will be 
measured in the real prototype as described in the test plan presented in the next section. 
Figure 5.15 presents the time-domain reconstructed digital output codes of the 
10 b ADC ( 1 .2 Vpp sinusoidal input signal), with 1 -ch operated @ 60 MS/s (f„, = 24 
MHz) in Fig. 5.15a and 360 MS/s (f in = 37 MHz) in Fig. 5.15b. Figure 5.16 shows 
the spectrum plot of one-case Monte-Carlo simulation results with/ s = 360 MS/s 
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Fig. 5.15 Reconstructed ADC output code with (a) 1-ch 60 MS/s option and (b) 6-ch 360 MS/s 
option 

at six channels and the spectrum clearly shows the offset-mismatch induced tone 
(represented as O) and gain-, timing- and bandwidth-mismatches induced tones 
(represented as G). The estimated offset in this case is a — 850 p.V according to the 
formula presented in Chapter 4, which is contributed mainly by the capacitor 
mismatch in the level-shifting circuits, since the input referred offset of the 
opamp in the front-end stage is as large as a > 3 mV and be compensated by the 
offset cancellation scheme. 
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Fig. 5.16 Post-layout simulated output spectrum of the 6-ch TI-ADC 



5.6 Summary 

This chapter had presented the implementation details of a 1.2 V, 10 b, 60-360 MS/s 
reconfigurable time-interleaved pipelined ADC that employs all the proposed 
techniques presented in the book. The ADC is implemented in a 0.18 urn CMOS 
technology with MiM options (V t h n /Vthp — 0.63 V/— 0.65 V for mid-supply floating 
switches). Practical prototype circuit implementation for each building block has 
been comprehensively investigated, with transistor-level as well as post-layout 
simulations. Simulation results show that the prototype achieves a satisfactory 
performance under process- and mismatch-variations. 
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Chapter 6 
Experimental Results 



6.1 Introduction 

The proposed time-interleaved ADC [1] has been fabricated in a 0.18 um one-poly 
six-metal CMOS process. The chip samples are packaged in 68-pin Ceramic Quad 
Flat-Pack (CQFP) packages. The successful measurement of a several-hundred 
MHz ADC is not a trivial task, and a special attention is necessary in the Printed- 
Circuit Board (PCB) design as well as the measurement setup that must ensure 
signal integrity. This chapter will present the design of the PCB with the consider- 
ation of high-frequency performance, and the testing setup in order to validate the 
design. The measurement results of the ADC will be exposed and a comparison 
with state-of-the-art low-voltage ADCs is presented. 



6.2 The Prototype PCB Design 

Unlike the low-frequency designs, the success of the PCB design for a high-speed 
mixed-signal system relies heavily on proper grounding. Only a large area solid 
ground plane is effective as compared with the single-point or multi-point grounding 
[2] alternative. Four-layer PCB is thus adopted in this design for better high- 
frequency performance, with ground planes as middle layers. The simplified 
block diagram of the PCB is shown in Fig. 6.1 with the top-view and bottom- 
view of the PCB shown in Fig. 6.2. Table 6.1 also demonstrates the equipments 
used in the measurement setup. The details on the PCB design will be explained in 
the following sub-sections. 



6.2.1 The Floor Plan 

The whole PCB is divided into three domains, namely Analog (AVDD), on-chip 
Digital (DVDD), as well as Board-level Digital (BVDD) domains, as shown in 
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Fig. 6.1 PCB board diagram and experimental setup 



Fig. 6.2, for better Electromagnetic-Compatibility (EMC). The PCB is designed 
such that no high-frequency signals cross the boundary between any two domains to 
avoid supply-noise coupling to AVDD from other domains, especially the BVDD 
domain which is very noisy since it contains the 10 b high-frequency digital output 
codes from the Device-Under-Test (DUT) and the data buffer IC. 

For better high-frequency performance, Surface-Mount Device (SMD) is used 
throughout the whole PCB. High-speed devices are placed closest to the DUT (e.g. 
clock routing and its matching network, input network, and the data buffer IC) for 
shortest high-speed trace routing, while the regulated voltages and currents, as well 
as the control switches are placed at the outmost of the PCB. 



6.2.2 Power Supply Considerations 



The most effective grounding scheme in high-speed PCB designs is to use ground 
and supply planes to effectively reduce the resistance, and most importantly the 
inductance, within the power supply network by imaging the current-return paths 
just benefit the corresponding signal traces [3-7]. The whole internal second layer 
is used as a ground plane, while the internal third layer is used as both power and 
ground planes. In additions, ground planes are filled with the unused space in the 
signal-routing layers (first and fourth) for better EMC performance. 

The power supplies are stabilized on-board by LC passive filtering com- 
posed by RF chokes and decoupling capacitors which are close to the DUT 
and the data buffer. To alleviate the self-resonant due to the Equivalent Series 
Inductance (ESL), the decoupling capacitors are composed by parallel combina- 
tion of tantalum 220 u.F, as well as ceramic 10 u.F, 100 nF, 1 nF and 100 pF, to 
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Fig. 6.2 (a) Top-view (b) Bottom-view of the four-layer PCB 
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achieve low power-bus impedance across a wide frequency range [3-12]. All the 
decoupling capacitors have nearest vias to the ground and power planes under- 
neath. 



6.2.3 Signal Trace Routing 

The single-ended testing input signal from the SMA connector is converted to 
fully-differential before entering the DUT by using a Mini-Circuit RF wideband 
transformer Mini-Circuits T1-6T-KK81 + (0.015 - 300 MHz). The common- 
mode level of the fully-differential input signal is set by the center-tap of the 
secondary-side of the transformer. 50-Q terminations are used to properly match 
the impedance of the SMA connectors, transformer, input and output impedance 
of the equipments, as well as the characteristic impedance of the trace. Small 
series damping resistors are also added at the input signal and clock routing to the 
chip, as well as the 10-b data output from the ADC to alleviate the resonant from 
the bondwire and the trace inductance. All the high-speed signal are routed on 
the first layer only, but not fourth layer, to avoid the noise coupling due to the 
extra vias inductance crossing the ground and power planes. Only the common- 
mode signal is routed through the fourth layer with its associate decoupling 
networks. 

To ensure signal integrity throughout the routing of the PCB, all high-speed 
traces should be treated as transmission lines. The signal traces are routed on the 
ground plane which is a microstrip configuration, and its characteristic impedance 
depends on the trace width, distance to ground plane as well as the dielectric 
material. According to the foundry data, 12-mil trace-width (calculated with the 
help of PCB design software) are used throughout all high-speed signal trace to 
maintain constantly 50-Q characteristic impedance. Round corners are used instead 
of 90° or 45° corners to reduce signal reflection at the trace corners. The PCB 
foundry also provides an impedance-control option during PCB fabrications to 
achieve more accurate control in the trace impedance. 



6.3 Measurement Setup and Results 

The prototype is characterized experimentally at various supply voltage, sampling 
rates under all speed options. The 10-b data from the ADC are captured with the 
Logic Analyzer (as shown in Fig. 6.1) and subsequently sent to the computer for 
further processing of the ADC output codes, including the time-domain decimal- 
equivalent of the 10-b digital codes, static performance evaluation like Differential 
and Integral-Nonlinearity (DNL & INL), as well as the evaluation of dynamic 
performance. As presented in Chapter 5, the large layout distance among different 
channels will induce gain-mismatch which can be easily calibrated through DSP 
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post-processing. For testing purposes the gain-mismatches are calibrated using 
digital post-processing (by measuring and normalizing the rms gain from various 
channels) [13] after the output codes are capture by Logic Analyzer. Figure 6.3 
demonstrates the overall equipments setup of the measurement, and Table 6.1 
shows the equipment list. The performance of the ADC for all speed options are 
summarized in Table 6.2. 




Fig. 6.3 (a) Experimental Setup and (b) Software evaluation platform of the prototype 
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Table 6.1 Testing equipment list 



Agilent E3631A DC power supply 
(0-6 V/5 A, 0- ± 25 V/l A) 



Agilent Infiniium 54832D oscilloscope 
(1 GHz, 4GSa/s) 



Agilent E4424B ESG-AP Signal Generator 

(250 kHz - 2 GHz) 
Agilent E4436B ESG-DP Signal Generator 

(250 kHz - 3 GHz) 
Agilent 33250A 80 MHz function/Arbitrary 

waveform generator 
Agilent 16702B logic analyzer system 

W/16760A Module (800 MHz, 34 channels) 

Rohde & Schwarz FSU8 Spectrum analyzer 
(20 Hz - 8 GHz) 



Agilent E5382A 17 channels single-ended 

flying leads 
Agilent Probes - 1 161 A Passive 

Probes, 1159A Differential Probes 
Fluke 179 True RMS Multimeter 

Mini-circuits SMA Passive Filters - 

BBP10.7, SLP1.9-550, 

SHP25 - 300 
Mini-circuits T1-6T-KK81+ (0.015 MHz 

-300 MHz) Transformer 



Table 6.2 Performance summary of the ADC 


Technology 


0.18 um 


CMOS (Vthn/Vthp = 0.49/- 


-0.48 V) 




Nominal core voltage 


1.8 V 










Resolution 


10b 










ADC core area 


13.2 mm 


2 (2.2 mm 2 /channel) 






Supply voltage 


1.2 V 










Full-scale input range 


1.2 Vpp< 


differential 








No. of channels 


1 


2 


3 


4 


6 


Sampling rate (MS/s) 


60 


120 


180 


240 


360 


ADC core power (mW) 


85.2 


144 


232 


287 


426 


DNL (LSB) 


+0.7/-0.7 +0.9/-0.7 


+0.8/-0.7 +0.7/-0.6 


+0.8/-0.6 


INL (LSB) 


+ 1.2/-1 


+0.9/- 1 


+0.8/- 1 


+ 1/-1 


+0.7/- 1 


SNDR@ fin = 25.1 MHz 


55 dB 


54.8 dB 


54 dB 


54.5 dB 


54 dB 


ENOB@ fin = 25.1 MHz 


8.9 


8.8 


8.7 


8.8 


8.7 


SFDR@ fin = 25.1 MHz 


72 dB 


69 dB 


65 dB 


68 dB 


65 dB 


THD@ fin = 25.1 MHz 


-68 dB 


-66 dB 


-67 dB 


-67 dB 


-60 dB 



6.3.1 Time-Domain Digital Output Code Pattern 

For functional verification, the time-domain digital output code pattern is obtained 
from the 10-b ADC output codes and is presented in Fig. 6.4, with all six channels 
enabled (i.e. f s = 360 MHz with 60 MHz per channel, amplitude of =-0.5 dBFS 
and/|„ = 25 MHz), which clearly shows that the output codes resemble a sine-wave 
pattern. For measurement purpose, the output codes are decimated by a factor of 
5 on-chip to reduce the supply noise due to the bondwires' inductance. 



6.3.2 Static Performance 



The static performance of the ADC was characterized by traditional sine-wave 
histogram method [14] instead of ramp histogram, since accurate ramp testing 
signal is difficult to generate than a simple single-tone sinusoidal signal. Figure 6.5 
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Fig. 6.4 Time-Domain digital output code of the ADC (f in = 25.2 MHz,f s = 360 MHz, output 
decimation by 5) 
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Fig. 6.5 Sine-wave histogram of the ADC for static performance evaluation (six channels, no. of 
samples = 220 k) 
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demonstrates the measured sine-wave histogram of the prototype, and after nor- 
malization process the DNL and the INL of the ADC can be calculated as shown in 
Fig. 6.6 (only six-channel option are shown here for simplicity). The measured 
DNL and INL are within 0.9/1.2 LSB for all speed options, as presented in 
Table 6.2, since time-interleaving only produces mismatch-type non-idealities 
that don't affect ADC's static linearity. 



6.3.3 Dynamic Performance 

The dynamic performance of the prototype ADC was also characterized to evaluate 
its performance at high speed. 

Figure 6.7 shows the FFT output spectrum of the ADC with sampling frequency 
f s = 360 MS/s (six channels with a decimation factor of 5) and input frequency 
fi„ = 25.2 MHz, with and without gain-mismatch calibration. With calibration 
the SNDR improves from 43 to 54 dB. The gain-mismatch tones are located at 
60 ± 25.2, 120 ± 25.2 and 180 - 25.2 MHz, which correspond to 34.8, 85.2, 94.8, 
145.2 and 154.8 MHz, respectively. These tones are mapped (and aliased) into the 
frequencies of 34.8, 13.2, 22.8, 1.2 and 10.8 MHz, respectively after decimation. 
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Fig. 6.6 Measured DNL and INL of the ADC (six channels) 
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Fig. 6.7 Output spectrum (@/v = 360 MS/s) (a) without and (b) with gain mismatch calibration 



Actually, from the ADC's layout (Fig. 5.9) the channel pairs (1, 4), (2, 5) and (3, 6) 
are arranged in close proximity to simplify the routing of the clock signals, and as a 
result the mismatch within a pair is minimized Consequently, the output spectrum 
equivalently contains a mismatch pattern that repeats with a period of 3/f s , as can be 
retained from Fig. 6.7a where the most prominent modulation sidebands appear at 
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the frequencies of 120 ± 25.2 MHz before calibration, and the amplitude of these 
sidebands does not varies as the input frequency increases, an evidence of channel 
gain-mismatch rather than timing- or bandwidth-mismatch error. A simple mathe- 
matical deduction that confirms this result is provided in the Appendix D. The offset 
cancellation mechanisms described in Chapter 3 are also verified by the low offset 
induced tones at 12, 24 and 36 MHz (60, 120 and 180 MHz before decimation), as 
illustrated by Fig. 6.7b. Finally, the measured input referred noise of the ADC is 
580 uV,„„. 

The ADC was also tested in all other speed options in various signal and 
sampling frequencies. Figure 6.8 shows a plot of SNDR versus input frequency 
at f s = 60 MS/s per channel, which shows that the ADC has an Effective 
Resolution Bandwidth (ERBW) greater than 66 MHz. The bandwidth is mainly 
limited by the passive sampling network composed by R = 1.6 kQ (the large 
resistance is used to achieve low-voltage cross-coupled sampling operation and 
the demultiplexing function) and the sampling capacitor C s = 1 pF (without 
considering layout parasitics). Timing-skew induced SNDR reduction also starts 
to dominate at such high input frequency. Figure 6.9 shows another plot of SNDR 
versus sampling frequency with/},, = 25.1 MHz. The ADC maintains an SNDR 
greater than 54 dB (with 8.7 Effective-Number-Of-Bit - ENOB) for all speed 
options up to 60 MS/s per channel. At higher sampling frequencies the settling 
errors in the MDACs limit the ADC's performance. Figure 6.10 illustrates another 
plot of SNDR versus input signal amplitude with a peak SNDR achieved at —0.5 ~ 
-0.1 dBFS. 
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Fig. 6.8 A plot of SNDR versus f in for all speed options (f s = 60 MS/s per channel) 
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Fig. 6.9 A plot of SNDR versus sampling frequency per channel for all speed options 
(/„, = 25.2 MHz) 
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Fig. 6.10 A plot of SNDR versus input amplitude for all speed options (/j. = 60 MS/s per channel 
and/;,, = 25.1 MHz) 
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Fig. 6.11 A plot of power, power/speed and SNDR versus No. of channel for all speed options 
(f s = 60 MS/s per channel and/;,, = 25.1 MS/s) 



To verify the power/speed scalability of the design, Fig. 6.11 presents a plot of 
power, power/speed ratio, as well as SNDR versus no. of channels and sampling 
frequencies. It shows that the power consumption is linearly scaled with the no. of 
active channels and the power/speed ratio remains approximately constant. The 
ADC consumes 85.2 mW @ 60 MS/s and 426 mW @ 360 MS/s. 



6.4 Summary 

This chapter has presented the setup as well as the results of the measurement of the 
low-voltage time-interleaved ADC that had utilized all the techniques presented in 
previous chapters, and the performance is summarized in Table 6.2. On the other 
hand, Table 6.3 exhibits the performance of the ADC and a benchmark of this work 
with state-of-the-art eight to 12 bit designs, within the same technology node. 
Usually, a Figure-Of-Merit (FOM) used to evaluate ADC's performance, desig- 
nated here as FOM1, is given by [23]: 



FOM I = 



Power 

2ENOB . f 



(6.1) 



However, since the supply voltage has been lowered the challenge in the 
optimization of ADC's performance is vastly increased because of: (i) the limited 
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overdrive voltages of opamps and switches; (ii) the impossibility of applying many 
special circuit techniques due to the absence of floating switches; (iii) the fact that 
thermal noise doesn't decrease with the lowering of the voltage supply. Then, a 
more appropriate performance evaluator (FOM2) that will reflect better the 
degraded performance caused by reduced supply voltage can be used here and it 
is defined by [24, 25]: 



FOM2 



Power 

2ENOB . f 



(6.2) 



In this definition, the implemented ADC achieves a FOM2 of 3.4 pJV/step, 
which is comparable with several 1.8-V designs (i.e. with nominal supply) from 
Table 6.3. Even considering FOM2 the low-voltage ADCs (e.g. [15, 16] from 
Table 6.3) can't achieve the best performance when compared with nominal-supply 
designs, indicating a vastly large reduction in different performance characteristics 
basically inherited from the lower voltage. As shown in a comparison chart of 
Power per conversion step versus Speed in Fig. 6.12, the proposed ADC can 
successfully achieve very high speed with satisfactory performance under the 
stringent penalty of low-voltage environment, as compared with other low-voltage 
designs. 

Table 6.3 also highlights key features of the proposed ADC, namely: (i) power/ 
speed scalability; (ii) only 67% usage of nominal supply voltage (indicating large 
headroom for future CMOS technology scaling); (iii) advantages in full-scale input 
range; (iv) very high-speed of operation with medium resolution. 
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Fig. 6.12 Brief comparison of the state-of-art high-performance ADCs - Power per conversion 
step (Power/2 ) versus Speed 
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Chapter 7 

Conclusions and Prospective for Future Work 



7.1 Conclusions 

The research work presented in this book led to the development of various 
techniques for the design of high-speed analog-to-digital converters under low- 
voltage environment imposed by CMOS technology scaling. The effectiveness of 
all the proposed techniques has been verified with a real IC prototype realization of 
a reconfigurable time-interleaved pipelined ADC. The novel circuit techniques 
utilized in this ADC design allow, simultaneously, the stretching of speed limits 
in the presence of low-voltage and a deep-submicron technology environment. 

In Chapter 2 an overview of the impacts imposed by CMOS technology scaling 
has been presented. The performance degradation can be classified into two cate- 
gories: device level and circuit level. Short-channel transistors generally exhibit 
poor characteristics over their long-channel counterparts, leading to degraded 
transconductance, output resistance, and limiting the intrinsic speed benefits 
brought from smaller feature sizes. Technology scaling also imposed a low-voltage 
design environment, reducing the design headroom in various circuit blocks, such 
as switches, current sources, opamps, and the unavailability of floating switches 
even forces the traditional SC circuits to fail. Existing solutions have been pre- 
sented to overcome the absence of floating switches, including switches position- 
ing, clock boosting, bootstrapped switches, switched- and reset-opamps, as well as 
switched-RC techniques. All of their pros and cons have been analyzed in detail, 
and although they could be utilized to resolve the fundamental drawbacks of float- 
ing switches, the limit of low-voltage still posed critical challenges in designing 
high-speed SC circuits, e.g. the design of CMFB, front-end interfaces to continuous- 
time signal, level-shifting required in low-voltage designs, increased sensitivity to 
process- and mismatch-variations, as well as the reduction in the achievable gain of 
the opamp designs. 

In Chapter 3 all of the above challenges were analyzed individually, together with 
the presentation of novel solutions, namely the Virtual-Ground Common-Mode 
Feedback (VG-CMFB) with Output Common-Mode Error Correction (O-CMEC), 
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Crossed-Coupled Passive Sampling Interface (CCPSI), Voltage-Controlled Level- 
Shifting (VCLS), Low- Voltage Finite Gain-and-Offset Compensation (LV-FGC & 
LV-OC), as well as the Feedback Current Biasing (FBCB), to solve the various types 
of low-voltage limitations. The ultimate goals of these solutions are targeting the 
formation of a set of advanced circuit techniques that enable low-voltage SC designs 
and reduce the performance gap between these and traditional nominal-voltage SC 
designs. 

In Chapter 4 the theories behind time-interleaved ADC were introduced. Time- 
interleaving can multiply the speed of the ADC above the technology limits, but it 
is susceptible to various types of channel mismatch errors, including offset, 
gain, timing and sampling bandwidth. The effects of all these mismatches will be 
mathematically analyzed and a closed-form SNDR formula was derived such that 
the performance of such systems can be evaluated systematically in very early 
stages of the design process. 

Chapter 5 presented the implementation details of the IC prototype which was 
a 1.2 V 10 b 60-360 MS/s time-interleaved pipelined ADC employing all the 
techniques discussed before. The prototype was fabricated in a 0.18 um CMOS 
technology (V thn = 0.63 V and V t h P = —0.65 V for mid-supply floating switches). 
Simultaneous low-voltage and high-speed requirements create stringent design 
challenges and the whole design has been thoroughly investigated with verification 
from top-level evaluation during the design phase to transistor-level and post-layout 
simulation with consideration of process and mismatch variations. 

Chapter 6 exhibited the experimental setup and verifications of the prototype 
ADC. Special attention was paid to the design of the PCB due to the nature of the 
high-speed and mixed-signal IC. The prototype has been thoroughly tested with 
different sampling rates as well as input signal frequencies and amplitudes, in 
both static and dynamic ways. The ADC achieved better than 0.9/1.2 LSB of 
DNL and INL, and greater than 54 dB SNDR for all speed options, with approxi- 
mately linearly scaled power consumption from 85 mW @ 60 MS/s to 426 mW @ 
360 MS/s, with die area of 13.2 mm (2.2 mm /channel). The measurement results 
have shown that the ADC operates with exceptional consistency with the theor- 
etical results, thus consolidating the effectiveness of all the design techniques 
presented previously. 



7.2 Prospective for Future Work 

This work presented in this book serves primarily as a silicon proof of the various 
proposed low-voltage circuit techniques that can be efficiently applied in the design 
of very high-speed ADCs. In a prospective for future work, further research paths 
are worth to be explored and investigated. The following aspects, in particular, are 
very interesting to pursue. 
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7.2.1 Low-Noise and Low-Voltage Circuit Techniques 
Implementation 

Reset-opamp techniques proved to be efficient high-speed solutions to face the 
floating switches problem, but it suffers from larger opamp circuit's noise when 
compared to traditional SC circuit implementations due to the intensive usage of 
opamp 's output. In addition, the low-voltage gain-compensation technique relies on 
the use of auxiliary opamps, which also add to the circuit noise. In fact, one of the 
dominant error sources in this prototype implementation is the thermal noise, thus 
low-noise low-voltage circuit techniques could be one of the key research areas to 
explore in high-speed high-resolution ADC designs. 



7.2.2 Fully Dynamic ADC Implementations 

Pipelined ADCs utilize opamps to achieve accurate residue amplification, which 
leads to larger power consumption due to the static power of the opamps. There are 
increasing trends to use dynamic elements to replace the static elements in the 
circuits, e.g. the opamps may be replaced by comparators [1], zero-crossing detec- 
tors [2] or even simply by inverters [3, 4], in order to greatly reduce the power 
consumption. However, the nonlinear characteristics of such dynamic elements will 
impose performance limitations in the ADC, thus presenting a new and challenging 
research direction related with the development of a new class of sampled-data 
systems that will use only dynamic circuits. 

Also, some ADC architectures are intrinsically dynamic, like Successive 
Approximation Register (SAR) ADC [5-7] that uses only a comparator and a 
passive capacitor DAC array to achieve data conversion. The speed of a high- 
resolution SAR ADC is inherently low; however, due to the deep-submicron 
technology scaling the speed of all dynamic circuits used in the SAR can be 
enhanced. In addition, recent advances in design techniques, such as asynchronous 
processing [5], have enabled the design of high-speed power-efficient SAR ADC 
implementations, which can become one of the main streams of future ADC 
research. 



7.2.3 SC Circuits Implemented with Open-Loop Amplifiers 

Traditional pipelined ADCs also utilize opamps into the negative feedback loop to 
achieve accurate residue amplification. However, using opamps in negative feed- 
back creates stability problems and to ensure stability the non-dominant pole must 
be located at higher frequency above the intended closed-loop bandwidth of the 
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amplifiers. This non-dominant pole often limits the achievable speed of the opamps, 
but this would not bring any problem if the amplifier is used in an open-loop 
configuration [8], which is a new topic that has emerged recently. However, 
open-loop amplifiers are sensitive to process variation and nonlinearity, thus the 
implementation is challenging and still requires extensive research in the future. 



7.2.4 Digital Calibration 

Aggressive CMOS technology scaling permits robust designs of digital circuits and 
microprocessors which enable the implementation of complex algorithms, although 
imposing performance degradation into analog circuit designs. Digital Calibration 
[8], which relies on the robust processing power of digital circuits to calibrate 
analog nonidealities, has become a hot research topic recently and proven to be an 
efficient technique in deep-submicron data converter designs. However, dynamic 
errors such as settling errors, timing-skew and bandwidth mismatches, as well as 
nonlinearities, are difficult to be calibrated and usually the corresponding algo- 
rithms are quite complex and lead to large power consumption and substrate noise 
in the digital part of the data converters. As a result, this would also be one of the 
important research directions to be followed in the future where the development of 
efficient and compact digital calibration techniques to compensate these errors 
should be addressed. 
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Appendix A 

Operating Principle of VG-CMFB 

with O-CMEC 



This appendix provides a detailed mathematical analysis of the operating prin- 
ciple associated with VG-CMFB + O-CMEC techniques, presented before in 
Section 3.2.4, as well as illustrates the derivation of the equation that is necessary 
for determining the capacitor ratio selection. 

The derivation is based on the VG-CMFB and O-CMEC structures already 
presented in Fig. 3.5 plus the external passive network configuration from 
Fig. 3.3. Referring to Fig. 3.5, Vbias ar, d Vtaii,ref are the nominal values (or zero- 
CM-error operating point) of the node Vcmfb an d V ta u, respectively, and Vo.ref is 
the desired value of the virtual ground CM voltage Vq,cm- Assuming A CM is the CM 
gain from the node Vcmfb to the output CM level V out cm, then the following 
relationship holds for a negative CMFB loop: 

Vout.CM = —A C m(VcmFB — Vbias) (Al) 

or 

Vcmfb = -r 2 ^ ^ hias ~ ^ bias i^) 

Acm 

with the assumption that A C m 3* 1- Considering that the circuit is in the steady-state 
the O-CMEC should inject no correction charges into the Vcmfb node in phase 2 if 
no output CM error occurs, thus Aq = which yields: 

2C 3 (V OM , CM m - Vaajattyl]) + C 4 (V, - V 2 ) 
- (2C 3 + C 4 ) (Vcmfb [4>2] - V CMFB [01]) = 

By substituting (A2) in Eq. (A3) it can be simplified to the following design 
equation: 
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Wm[<£2] - V 0Ut>CM m = ~(V 2 - Vi) (A4) 

which defines the relationship between the output CM level in two phases with 
the capacitor ratio and the reference voltages V\ and V 2 . Notice that by setting 
Ag = in phase 1 the same Eq. (A4) can be derived, implying that the O-CMEC 
circuit will not inject charges in both phases if there is no CM error in the steady- 
state. 

The derivation is not complete until the virtual ground potential is determined. 
Referring to Fig. 3.3 in phase 1 the opamp reset implies that 

V lm ,m = Fg,cm[</>1] - V GS1<CM = V 0Ut , CM [^] ~ V GSl (A5) 

where Vqsi is the CM gate-source voltage of the differential-pair transistors MIA 
and M1B in Fig. 3.4, which remains constant as long as the tail current source does 
not vary. A charge conservation equation can be written at node Vcmfb m phase 1 
and rearranged as: 

(C 2 + 2C 3 + C A ){VcMF B [<i>l] - V C mfb[4>2]) + CiVcmfbWI] 

- C 2 (V«#1] - VmWA) - CiV m [4>l} - CiCVto, - Vuarf) 

- 2C 3 (V iml . C M[^} - V 0U ,, C m[4>2]) + C 4 (Vi - V 2 ) = (A6) 

Similarly an equation can be written at node Vcmfb m phase 2: 

-(C 2 + 2C 3 + C A ){V C MFB{<i>l] - V CM fb[4>2]) + C 2 {V tai i[<t>\] ~ V ta u{4>2]) 

+ 2C 3 (V 0UI , CM [</> 1] - V 0Ut , C M [<$>2] ) - C 4 (Vi - V 2 ) = (A7) 

Summing (A6) and (A7) it yields 

Vcmfb [</>!]- Vm [</>!] = V bias - V la ,,, ref (A8) 

Substituting (A2) and (A8) with V ta u,ref — Vc-ef — Vcsi into (A8) it will imply: 

V G . CM m * V G>ref (A9) 

which indicates that the virtual ground CM voltage in phase 1 is stabilized to the 
reference voltage V Gire f. 

The virtual ground CM voltage in phase 2 can be evaluated by subtracting (A6) 
from (A7), with substitution of (A8) as: 

2(C 2 + 2C 3 + C 4 )(Vcam»[01] - V C mfb[4>2]) - 2C 2 (V M ,,[</>1] - V tail [<t>2]) 

-4C 3 (F OHf]CM [</>l] - V ouuCM [<t>2]) ~ 2C 4 (Vi - V 2 ) = (A10) 
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Also the following equations will hold: 

Vcmfb [</>!] « V CMFB [<t>2] « V bias (All) 

VteB^l] - V tai ,m = VgMW - Vgjcm^A (A12) 

Finally by substituting (A9), (Al 1), (A12) and the design Eq. (A4) into (A10) it 
yields: 

V G .cm[W « V Gt ref (A13) 

which indicates that the virtual ground CM voltage in phase 2 is also stabilized 

tO V G ,ref- 



Appendix B 

Mathematical Analysis of Bandwidth 

Mismatches 



This appendix presents the detail derivations of the closed-form SNDR expression 
for time-interleaved ADC under bandwidth mismatch effect as discussed in 
Section 4.7. It would be necessary to recall the fact that for a sinusoidal input 
signal with frequency of coo = 2nfo the weights of modulation sidebands can be 
expressed as (4.38), which is repeated here: 



M-l 



9jt 1 



M-l 






-jkm\ 



^1 +j(Ot{\ +t m ) 



(Bl) 



where for k — Ao(coq) corresponds to the signal component, and for k = 1 to M-l 
A k correspond to M-l different sideband components. Then, the expected values of 
the signal component |Ao(co ) I can be evaluated by substituting k = into (B 1) and 
multiplying it by its complex conjugate as follows: 



|Ao(coo) 



M 2 



M-l 



f-!l+;ffl T(l + T m ) 



aj=0 



1 + (o\x 2 



(B2) 



which shows that the signal component is approximately scaled by the RC-filter for 
small values of x m (x„, <C 1). The expected value of the sideband components can 
also be calculated from (Bl) leading to: 
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1 +ja> x(r m - r„) + co 2 x 2 (l + r m + r n + r m r„)_ 

(B3) 
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where, in this case, the second order term r m r„ in (B3) cannot be neglected since 
in the following derivations it will be required to use the statistical values of 
E[r m ] — and E[r 2 t ] = a 2 and, besides this, it will constitute the most significant 
contribution to the sideband components. However, in (B2) such approximation is 
valid because the amplitude of the signal component is, in principle, much larger 
than that of the sideband. The evaluation of the expected value of the sideband 
components in (B3) is quite complex and only key steps will be addressed here. The 
double summation in (B3) can be analyzed in two parts for m = n (containing 
M terms) and m ^ n (contain M 2 — M terms) in the following way: 



2 M-1M-1 



Part 1 



M 2 



EE* 

m =0 n=0 

m—n 



l 



1 + co 2 t 2 (1 + 2r„, + r 2 ) 
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M 2 4rlXi> l+colx 2 ' 



m— n— 
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M 2 ^ ^ 1 + mix 2 L J 



m— n— 
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(B4) 
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where 



A = 



vfe + g 

1 + CD 2 T 2 



B = 



mlx 2 {r„ 



r„)+joj r(r m - r„) 



1 



ffl 2 T 2 



should be small for r m <C 1 leading to a valid Taylor Series expansion in (B4) and 
(B5). The expansion can also be evaluated up to the second order because A and B~ 
contain at least a third order term like rf n which is negligible compared to the main 
contribution from r 2 . The expected values can be calculated as: 
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(E[r m ]-E[r n })=0 (B7) 
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since r m and r n are random variables with zero means. Furthermore, for the second 
order term 
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Since r m and r„ have zero mean and are independent (uncorrelated) (B9) can be 
evaluated considering E[r^\ = E[r%\ = a 2 and E\r m r„] — which will lead to: 



E[B 2 } = 



WMV - 1)] 



\ + colt 2 
Then substituting (B6) and (B8) into (B4) it yields: 
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and, similarly, by substituting (B7) and (BIO) into (B5): 
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where 
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leading to the following simplification of part 2: 
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Finally, the sideband components can be calculated by the addition of both parts 
1 and 2: 
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From (B 15) it can be concluded that the expected values of the various sidebands 
are independent of the frequency index k, i.e. all the sidebands have the same 
expected distortion power. As a result, the total distortion power should be equal to 
(B15) multiplied by M-\, and the final SNDR can be calculated by substituting (B2) 
and (B15) into the following equation: 



SNDR = 10 log! 



g[|A„K)| 2 
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Then the SNDR of the time-interleaved ADC under bandwidth mismatch can be 
finally calculated as: 



SNDR = 10 log 10 [l + mix 2 ] - 20 log 10 [co Tff,.] - 10 log 



10 



1 
M 



dB (B17) 



Appendix C 

Noise Analysis of Advanced Reset-Opamp 

Circuits 



Cross-Coupled Front-End S/H 

This section provides a thermal noise analysis of the front-end S/H with crossed- 
coupled passive sampling circuit, as presented in Fig. 5.3 and Table 3.1. In Fig. 5.3 
the circuit noise is calculated as follows: In phase 1 (Fig. 5.7a), the thermal noise 
sampled in the capacitors Ci = C 3 = C will be transferred to the output in phase 2: 



v 



.2 
n,kT/C 



[01] = 2kT/C (CI) 



and the noise sampled in capacitor C3 is still equal to kT/C since the capacitor is 
reset by the switch in phase 1, independent of opamp finite bandwidth. For the 
capacitor C2 = C, since the capacitor is connected to the virtual ground of the 
opamp, the noise generated by the switch resistance R S3 is no longer like a kT/C 
noise, but shaped by finite opamp bandwidth (assuming the bandwidth of all the 
circuits in this section are dominated by the opamp, and the bandwidth contribution 
from switches are neglected): 

|2 1 



KjtA^] = 4k TR s2 ,A ■ \Hc2,<i>i(0)\ ■ -m G Bw_4>i = kTR s2t A(o G BW -4>\ (C2) 

where Hc S 2,4>i (0) = 1 is the low-frequency noise voltage transfer function from the 
noise source of switch R S 2,a to the output, and <a GBW ^ is the gain-bandwidth 
product of the opamp in phase 1 . In addition, since the capacitor C2 is connected 
between the virtual grounds of the opamp for offset compensation purpose, the 
capacitor equivalently samples twice the noise power of the opamp when compared 
to the normal configuration with the top plate of the capacitor connected to the 
virtual ground and the bottom plate connected to signal ground. The noise sampled 
to this capacitor is also transferred to the output in phase 2: 

2 I I 

v \opamp\^\ = 2 *Sopamp{0) ■ |#0l(O)| ■ -(0 G BW-4>\ = ~ Sopamp{0)a>GBW-<l>l (C3) 
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where S opamp (f) is the opamp's input referred noise power spectral density, which 
depends only on the opamp topology. Moreover, due to the resetting feature of RO 
circuits, the opamp must be reset to discharge the next stage sampling capacitor, 
adding the opamp noise in phase 1 to the next stage. This noise will be shaped 
mainly by the bandwidth of the next stage in the amplification phase and thus will 
be calculated as part of the MDAC noise in next Section. 

During phase 2 (Fig. 5.7b), both the opamp input referred noise density and the on- 
resistance thermal noise density of the switches will be filtered by the closed-loop 
bandwidth in phase 2. The noise from the opamp in phase 2 can be calculated as: 

2 1 

V \opampWA = SopampiO) ■ \H^ 2 (0)\ ■ ^PcO GB Wj>2 

= -T^S opam p(0)a>cBw_(t>2 (C4) 

where //^(O) = 1//? is the low -frequency noise voltage transfer function from the 
opamp input referred noise source to the output in phase 2, /? is the feedback factor 
in phase 2, co GBW <p 2 xs the gain-bandwidth product of the opamp. The noise from 
the switches in phase 2 can be evaluated similarly: 



,2 



1 



vlfisA^ = 4kT ( R «lfi + R s2,b) ■ \Hc2,^2(0) | • -PiO GBW _^2 

= kT(R sl M + R s 2fi)Pv) G BW_<l>2 (C5) 

Thus the total noise power in fully-differential mode is twice the sum of all the 
above contributions (with /? = 1/3): 



V l.S/H = 2 ) 2kT /C + tt>GBW_ 
+ a > G BW-4>2 



kTR s iA + -S opamp (0) 
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>opamp(fy + kTfi{R s ifl + R s 2,b) 



(C6) 



MDAC with Auxiliary Amplifier 

This section provides a thermal noise analysis of the MDAC circuit with auxiliary 
amplifier used for finite-gain compensation, as shown in Fig. 5.4. In phase 1 (with 
equivalent circuit in Fig. 5.8a), the thermal noise sampled in the capacitors C re f and 
Cfi will be transferred to the output in phase 2: 

v^cW]=kT/C ref (^j +kT/C fl (C7) 

again the noise sampled in capacitor Cf i is still equal to kT/Cf i . 



MDAC with Auxiliary Amplifier 



127 



Special attention must be devoted to the handling of the noise from the main 
opamp, since this noise will be fed into the auxiliary opamp. In phase 1, the main 
opamp output node is connected to the bottom plate of capacitor C S 2, but, simulta- 
neously, this noise is fed to the virtual ground of the auxiliary amplifier and then 
sampled into the top plate of C S 2, thus partially cancelling the main opamp noise 
contribution to C S 2- The reason for this partial cancellation is due to the extra 
auxiliary opamp bandwidth. To evaluate the noise of the main opamp, sampled in 
capacitor C S 2, it would be necessary to evaluate the noise transfer function from the 
main opamp virtual ground to the differential voltage of C S 2: 



V G2 ~ VoX 
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Then, the noise power sampled in capacitor C S 2 is equal to 
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On the other hand, the noise power sampled in capacitor Cf2 can be evaluated 
similarly: 
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The noise power (from the main opamp in phase 1) is then transferred to the 
output in phase 2 as: 
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Also, the noise of the auxiliary amplifier in phase 1 is sampled in both C S 2 and 
C t 2 and transferred to the auxiliary output in phase 2 as: 
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The main opamp resets in phase 1 and generates noise to the next stage, however 
this noise is shaped by the more dominant next stage bandwidth and thus it will be 
counted as the noise in next stage. 

During phase 2 (Fig. 5.8b), the noise from the three resistors can be evaluated as: 
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V n,Rf2,B I'/' 2 ] = 4kTR f2,B ' |#C/2,02(O) | ■ - fS(0 GBW jmx _<l>2 
= kTRf2fiP(OGBW-awc-(t>2 



(C14) 



Again, the noise from the main opamp should be treated carefully since the noise 
is partially cancelled in C L : 



Vol ~ Vo2 

V, 



(s) 



1/jS 



1/J8 



1 + s/Po} G BWjrmin-ct>l (l + S / fi(OGBW jnain.<j>\) (l + •$/ ' fi<OGBW_auxjj>l) 

(C15) 



n,(Vol — Vo2) _main 



mvr J 
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^main\J ) 



Vol - Vo2 

V, 



O) 



c/cu 



_ 1 ^mfl!'n(^) Ct 'cBU'_ma(n_^2 

4/? tt>CBW-main_<j>2 + <^>GBW-aux_4 

The noise from the auxiliary opamp is 

^aux^pampi^ 2 } = >W( ) 7 f g) fi^GBW _aux_<l>2 

1 
— S a „. t (0) -77>Q}GBW^aux -42 



(C16) 
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The noise from the previous reset stage (with noise PSDs S pr< ,(f)) is also shaped 
by the bandwidth of this stage: 



v2 nprel4> 2 } = S pre (0)\H CsL4 , 2 (0)\ ~. fac BW 1^2 



C s ] 



(C18) 



4 VC/i/ 



Thus, the total noise of the MDAC (in fully-differential mode) can be calculated 



as: 



v n,MDAC 



[4>2] = 2kT/C. 
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c, 
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c 



/I 



2kT/C f i 



Smain(0) I m GBW jnmin^l ( qZ ) + \f m GBW _main_4>\ m GBW _aux_<j>\ 



(OGBW _main_<j>l + C^>GBW _aux_<j>\ 



J GBW-main-§2 
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<J)GBW_main_(t>2 + ^GBW _aux_(t>2 
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Saux(0) \ m GBW- 



c. 



c, 



A 



+ 7j OlGBW-aux^ 



+ ^S pre (0)l-— j Pa>GBW_main_4>2 



2kT/i< R re f t B ( Y> — ) m GBW_main_tj>2 



Rs2.B [ ~pr~ I + R/2.B 

C A 



<J)GBW_aux_4>2 
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Appendix D 

Special Case in Gain Mismatch 



This appendix provides the proof to the observed phenomena measured in the six- 
channel un-calibrated output spectrum due to a special case of gain-mismatch 
highlighted in Chapter 6. In its general form the output spectrum of the time- 
interleaved ADC with a sinusoidal input signal under gain-mismatch consists of 
modulation sidebands with weights as presented in (4.23) (with H{oS) = 1): 

, M-\ , M-\ 

A * = Jg E (! + *-)«■** = ^J2 a*-** (Dl) 

m— m— 

where a m — 1 + <3 m . Under special layout conditions (illustrated in Fig. 5.9) it can 
be assumed that 

a m = a M / 2 +m (D2) 

since the gain mismatch is minimized between the channels in close proximity (for 
those sharing the same clock buses). The weights A k can then be expressed as: 



M/2- 

A k =- y 



M/2-1 

tin 



M 

m— u 



kn 



e -jk< 4- „-/*(**»)! 



M/2-1 



cosyW"/ 2 ^ a^V^ (D3) 



M 



which are non-zero only for even values of £. If M = 6 then A^ 7^ for only 
& = (the signal components) and & = 2 (the 120 MHz ± f in modulation sidebands 
as shown in Fig. 6.7), which confirms the results reported in Fig. 6.7. Also, 
the component at k = 4 is the image component of that of k = 2. 
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